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Zusammenfassung 

 
Die vorliegende Arbeit ist das Ergebnis dreijähriger Forschung, Entwick-

lung und Charakterisierung auf dem Gebiet integrierter Hochfrequenz-

Schaltungen in CMOS-Technologie. Der Autor hat sich hauptsächlich mit 

zwei Bausteinen eines Low-IF CMOS-Empfängers auseinandergesetzt: Ei-

nem Abwärtsmischer und einem ZF-Verstärker mit einstellbarer Verstär-

kung. Eine neuartige Mischer Architektur wurde untersucht, implementiert 

und vermessen. Dabei konnten hervorragende Ergebnisse erzielt werden - 

nach bestem Wissen des Autors wurden u. a. die besten Rauscheigenschaf-

ten eines aktiven CMOS Mischers bei 5.8 GHz erreicht. Damit konnte eine 

neuartige und gleichzeitig einfache Mischertopologie vorgestellt und erprobt 

werden, deren Eigenschaften für die neuesten analogen Front-Ends mit 

niedriger Versorgungsspannung und geringem Leistungsverbrauch sehr ge-

eignet sind. Gleichzeitig wurde damit auch die Einsatzmöglichkeit der etab-

lierten CMOS-Technologien für Kommunikationssysteme zu hohen Fre-

quenzen hin erweitert. 

Für die erste Schaltung, eine gefaltete Doppel-Gegentaktarchitektur, wurde 

eine ausführliche Analyse durchgeführt. Schwerpunkte waren hierbei die 

Optimierung der Rauschzahl von einzelnem Mischer und gesamtem Emp-

fänger. Weitere Aspekte betrafen die Integration mit einem rauscharmen 

Vorverstärker. Eine Gilbert-Zelle mit einer Resonanzspule und eine Gilbert-

Zelle mit „current bleeding“ wurden ebenfalls untersucht. 

Als weitere Grundschaltung wurde ein Verstärker mit einstellbarer Verstär-

kung entworfen: Auch hier wurde eine neuartige Architektur implementiert, 

die zu einer flexiblen und einfachen Topologie mit großer Dynamik geführt 

hat. Schlussendlich wurde ein vollständig integrierter CMOS Empfänger 

entworfen, prozessiert und vermessen. 

Der Empfänger wurde als Bestandteil eines RF Front-Ends für ein hochge-

naues Lokalisierungssystem namens RESOLUTION eingesetzt. Das System 

basiert auf dem FMCW Radarprinzip. Die Implementation erfolgte im unli-

zenzierten ISM-Frequenzband bei 5.8 GHz. Der Autor hat auch zur Ent-

wicklung der hybriden System-Boards beigetragen, die für Demonstrations-

zwecke verwendet wurden. 
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Abstract 

 
This thesis is the result of three years of research, design, fabrication and 

measurement of several RF-integrated circuits in CMOS technology. The 

author of this work focused mainly on two building blocks of an integrated 

low IF receiver: the down-conversion mixer and the IF variable gain ampli-

fier. Novel mixer architecture was analysed, implemented and tested show-

ing excellent results and achieving, to the best knowledge of the author, the 

best performance in terms of noise for an active CMOS mixer at 5.8 GHz. 

By this, a new and simple mixer topology is introduced, extremely suitable 

for new low power, low supply analog front-ends, enhancing the possibili-

ties of employing established CMOS technologies for very high frequency 

communication systems. 

For the first circuit, a folded double-balanced architecture, a detailed analy-

sis is performed giving a deep insight into the circuit behaviour. The most 

interesting results concern the noise figure and the overall noise contribution 

of this receiver building block. Later on, the issues dealing with the integra-

tion with a low noise amplifier were addressed and the integration was car-

ried out leading also to excellent results. During these integration steps the 

mixer architecture changed in order to fit new system specifications: a Gil-

bert cell mixer with a resonating inductor and a Gilbert cell with current 

bleeding technique were implemented as well. At the same time the IF vari-

able gain amplifier was being developed and tested on system level. For this 

circuit a novel architecture was implemented too, leading to a very simple 

design for an extremely large dynamic range. Finally, a fully integrated 

CMOS receiver was developed and tested at the end of the project. 

The receiver was included in the RF front-end for a high precision localisa-

tion system called RESOLUTION. This system is based on FMCW-radar 

principle operating in the unlicensed ISM frequency band at 5.8 GHz. The 

author contributed as well to the design of the hybrid daughter boards that 

were used by the consortium for demonstration purposes at the final review 

meeting. 
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Introduction 

 

 

 

Combining localisation systems and wireless mobile communications is one 

of the most important trends in the modern telecommunication world. The 

need not only to exchange data but also to track or to be tracked in in-door 

or short out-door areas is dominating some important and very promising 

markets like smart factories, cultural guiding and assisted living. However 

the technology behind must be competitive for mass production. This im-

plies that established CMOS technologies are the key for a successful im-

plementation of positioning systems on the world markets. In this work two 

different technologies were used provided by MOSIS: a 180 nm BiCMOS 

and a 130 nm CMOS technology. Our task was the development of a novel 

receiver capable of handling frequency ramps at 5.8 GHz. As it will be 

shown afterwards, it was necessary to implement a low IF topology having 

very high gain, large dynamic range, excellent linearity and extremely low 

noise figure. The receiver consisted of a single ended low noise amplifier 

loaded by a transformer based balun for single to differential conversion, a 

double-balanced active downconversion mixer in three different architec-

tures and a pseudo-differential variable gain amplifier in the IF part. The 

development was carried out systematically, starting from the characterisa-

tion of the single building blocks, but also integrating step by step the single 

circuits up to the final fully integrated receiver. The strategies we adopted 

are presented in details, discussed and experimentally demonstrated. Some 
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open issues are discussed as well and left for future works. This corresponds 

to the structure of my thesis: starting from the variable gain amplifier and 

the standalone mixer, first integration aspects are presented until the final 

full integration is carried out. 

The scientific literature is very rich of contributions concerning the design 

of CMOS integrated transceivers and standalone RF circuits and these were 

largely used and consulted during the past years. These publications were 

also extremely important as a reference for state-of-the-art performance for 

the technology we used. [1] presents an ultra low power CMOS receiver in 

180 nm technology with only 3 mm² (including a VCO) chip area, 8.5 dB 

noise figure, 16 dB gain, – 13 dBm IIP3 while consuming only 22.4 mW. In 

[2] the most impressive results published in the last years can be found: on a 

chip area of only 1.8 mm², a receiver and VCO consuming only 36 mW 

achieve 36 dB gain, 3.5 dB noise figure and – 2 dBm IIP3. An UWB re-

ceiver in 130 nm is presented in [3] achieving 24 dB gain, 5.2 dB noise fig-

ure, – 10.4 dBm IIP3 while consuming 42 mW on a chip area of only 

0.9 mm². Furthermore an excellent direct conversion receiver is shown in 

[4] with 74 dB maximum gain, 4.4 dB noise figure, – 2.1 dBm IIP3 while 

consuming 108 mW, but on an area of at least 10 mm². Comparable to these 

results is the work presented in [5] with a slightly higher power consump-

tion though. Another interesting transceiver in this technology is shown in 

[6]: with 171 mW power consumption the receiver achieves 58 dB gain, 

6.8 dB noise figure and – 18 dBm IIP3. Concerning active mixers as a 

standalone circuit, I referred to several publications during my analysis, but 

here I would like already to mention the work published in [7]: this contri-

bution, besides being one of the best published in the past years concerning 

this specific topic, was also one of the fundamental references for my work. 

The author carries out a systematic analysis of the Gilbert cell topology, 

improving it step by step and finally comparing the different solutions ex-

perimentally. Eventually, impressive performance is achieved: 16.2 dB con-

version gain, 9.8 dB noise figure, – 5 dBm IIP3 are reported at 5.2 GHz 

while consuming only 7 mW. 
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ABBREVIATIONS 

  

AAC Active antenna combining 

ADC Analog to digital conversion 

AGC Automatic gain control 

AGV Automated guided vehicle 

BiCMOS 
Bipolar and complementary metal oxide semicon-

ductor 

CF Compact flash 

CG Conversion gain 

CMFB Common mode feedback 

CMOS Complementary metal oxide semiconductor 

CPLD Complex programmable logic device 

EIRP Equivalent isotropic radiated power 

ESD Electrostatic discharge 

FDD Frequency division duplexing 

FMCW Frequency modulated continuous wave 

FPGA Field programmable gate array 

GPS Global positioning system 

GSM Global system for mobile communications 

HPLS High performance localisation system 

IC Integrated circuit 

IF Intermediate frequency 

ISM Industrial, scientific, medical (unlicensed band) 

LNA Low noise amplifier 
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LO Local oscillator 

NF Noise figure 

PCB Printed circuit board 

PDA Personal digital assistant 

RF Radio frequency 

RSS Received signal strength 

RToF Roundtrip time of flight 

SAW Surface acoustic wave 

TDD Time division duplexing 

TDoA Time difference of arrival 

VGA Variable gain amplifier 

UWB Ultra wide band 

WLAN Wireless local area network 
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1 The Background of this Work:  

Project RESOLUTION 

 

 

 

RESOLUTION, acronym for Reconfigurable Systems for Mobile Local 

Communication and Positioning, was an EU founded project aiming the 

development of a wireless three dimensional positioning system in centime-

tre regime. Positioning based on radar waves has been extensively used 

since Word War II [8], [9]. Today, increasing efforts are made to apply ra-

dar for local positioning in industrial and commercial wireless sensor net-

works [10]-[20]. An extremely large market is targeted: smart factories, 

robotics, cultural guiding, augmented reality and object tracking. The local-

isation of a mobile device is an emerging need in mobile communications. 

The world is going more and more wireless, but at the same time the uncer-

tainty of the position of a mobile unit limits the growth of this wireless 

world. This is especially true in an industrial environment, where high reso-

lution is mandatory for an efficient management of automated guided vehi-

cles (AGV). Within the project RESOLUTION several topologies were de-

veloped: the indoor GPS, using the time difference of arrival (TDoA), where 

the position computing is performed in the mobile station; the reverse in-

door GPS, also using the time difference of arrival, but where the base sta-

tion is performing the computation; synchronized ramps, based on the 
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roundtrip time of flight (RToF); the pulsed active reflector, a low power and 

low cost version of the synchronized ramps. The details for these different 

topologies can be found in [21]. In order to avoid confusion, the name GPS 

is here used only per analogy, but it has nothing to do with the well known 

global positioning system that already exists. 

In order to achieve low costs in mass fabrication a fully integrated CMOS 

front-end was planed within this project, operating in the ISM band at 

5.8 GHz. On a system level a commercially available WLAN 802.11a/n 

chipset was to be implemented for data communication. The system was 

developed by a large consortium consisting of one large enterprise, three 

small/medium size enterprises, one research institute and five universities 

from four EU countries and two associated EU countries. The local posi-

tioning system is based on frequency modulated continuous wave (FMCW) 

radar that generates frequency ramps used for distance computing. 

The task of the Berlin University of Technology team was the development 

of the RF receiver in CMOS technology consisting mainly of a low noise 

amplifier (LNA), a mixer and a variable gain amplifier (VGA). Due to the 

radar principle based on frequency ramps a low IF architecture was imple-

mented. No image rejection was requested since the relative measure of the 

distance between the internal and the incoming frequency ramp was re-

quested for data processing and not the absolute value at a certain fre-

quency, which is the case in the data transmission. In the past three years 

several steps were done towards system integration: starting from the on 

wafer single circuit characterization we developed the first hybrid receiver 

prototypes, then we moved forward towards LNA and mixer integration and 

afterwards the full receiver integration was carried out, even though not re-

quested by the system specifications. Our team was also responsible for the 

development of a compact system board consisting of all RESOLUTION 

integrated circuits in package. 

Within this design process a design flow was developed that allowed a cor-

rect prediction of CMOS circuit performance mainly based on an 

EM/schematic co-simulation. Starting from simple schematic simulations, 

layouts were drawn and exported for electromagnetic simulation and model-

ling and used for final simulations and redesign. Thanks to this design flow 

results enhancing the state-of-the-art for CMOS integrated receivers were 

achieved and published. 
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Finally, in March 2009 the system was demonstrated in front of an EU 

commission that evaluated the results achieved by the consortium in the 

three years. A two dimensional localisation was successfully demonstrated 

accomplishing the main target of RESOLUTION. The consortium was not 

able to achieve an accurate three dimensional localisation, but some very 

promising results were reported in the RESOLUTION White Paper [21]. 

However, this target should be achieved in the further development of the 

system. 

 

1.1 FMCW radar fundamentals 

 

One of the most attractive and promising trends in the modern world of tele-

communication is to combine wireless local positioning with mobile com-

munications [8]. This field is rapidly growing and a wide range of applica-

tions could be targeted with such systems both in industrial as well as in 

commercial areas such as smart factories or cultural guiding [20]. RESO-

LUTION targeted to develop a positioning system based on FMCW radar 

operating in the unlicensed ISM band around 5.8 GHz. The system ex-

ploited the commercially available WLAN 802.11a chipset for data com-

munication as well. The idea of combing a positioning system with mobile 

communication is not new: the positioning accuracy and coverage range of 

several systems which combine wireless communication with positioning 

are compared with RESOULTION in Figure 1.1 and also in [22]. 

As shown in this figure, GSM systems are mostly used for large range 

communication, but with poor positioning accuracy. A very good compro-

mise between positioning accuracy and data communication is given by 

GPS and cell-ID based services: data rates and resolution up to 2 Mb/s and 

1 m respectively are reported. Nevertheless, in an indoor scenario these re-

sults are not realistic anymore and the performance is dramatically reduced. 

For short range applications commercially available Bluetooth and 802.11 

WLAN devices can be used. Evaluating the distance by the received signal 

strength (RSS) an accuracy of approximately 1 m can be achieved. Making 

use of short pulses the ultra wideband (UWB) technology achieved promis-

ing results in decimetre range, but it still has the limit of a very low allowed 

output power, thus covering a very short range. 
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Therefore RESOLUTION is targeting a state-of-the-art 3D positioning ac-

curacy better than 10 cm within an area of up to 1000 m², thus mostly an 

indoor environment. 

As already mentioned, the positioning information is obtained by means of 

frequency ramps: the difference between the internal reference ramp and the 

reflected ramps is directly proportional to the distance between a base sta-

tion and mobile units. Figure 1.2 and Figure 1.3 depict this principle. In the 

receiving path the internal frequency ramp is used as LO signal and the in-

coming reflected ramp is the RF signal. The IF frequency is therefore a sin-

gle sinusoid whose frequency is ∆f that is proportional to the distance of the 

mobile unit. The scenario shown in the figure is a simplified case of an ac-

tive reflector, but, as already mentioned, the distance computation can be 

performed in the mobile unite as well. 
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source: RESOLUTION Annex I

Figure 1.1 Positioning accuracy and coverage range of positioning and 

communication systems. 

 

A frequency ramp that is sent from a base station propagates through space 

until it reaches the mobile unite and than it propagates back to the origin in a 

time period ∆t. After this period the two signals have a frequency offset fIF, 
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which can be extracted by mixing. The mixer can be imagined as a subtrac-

tor of the two frequency ramps, where the subtraction is a constant value as 

shown in (1-1). Attributed to the linear relationship between d, ∆t and fIF, 

the distance can be determined by (1-2), where fmod is the modulation fre-

quency, c the propagation velocity and BW the bandwidth. 

 

RFLOIF fff −=  (1-1) 
BWf

cf
d

8mod ⋅

⋅∆
=  (1-2) 
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source: RESOLUTION Annex I

Figure 1.2 RESOLUTION functional principle. 
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source: RESOLUTION Annex I

Figure 1.3 Frequency ramps. 

 

The bandwidth affects several parts of the system. One of the most challeng-

ing is the multipath reflection. Only with sufficient bandwidth it is possible 

to resolve and separate multipath transmissions. But the available bandwidth 

is obviously limited (in case of RESOLUTION it is 150 MHz of the 

5.8 GHz unlicensed ISM band), therefore the accuracy of an ideally de-
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signed system is limited by the non resolved multipath transmissions and/or 

multipath fading. 

Figure 1.4 depicts a very simple scenario where we can identify three types 

of reflections: first, the desired one carrying the distance information; sec-

ond, the unwanted multipath reflections; third, the reflection of an undesired 

target which is also present in the environment. If we consider the propaga-

tion time of a multipath signal, this can be suppressed by lowpass filtering 

in the FMCW based approach: the delayed multipath components have a 

higher IF frequency than the target object, since the frequency offset is pro-

portional to the time of flight. But this is only part of the scenario. In the 

third case we have to consider  the reflections at undesired objects not hit-

ting the target object, thus having approximately the same IF frequency. 

Smart algorithms have to be applied to avoid corresponding measurement 

errors. Also beam steering with active antenna combining (AAC) must be 

implemented as well. 

 

 Target 

TX/RX 

REF2 
REF1 Desired

Undesired
mutipath

Undesired 
target 

 

source: RESOLUTION Annex I

Figure 1.4 Types of reflection. 

 

1.2 System overview 

 

Figure 1.5 depicts in a simple way the key target of RESOLUTION: to com-

bine both wireless local positioning and mobile communications. The sys-

tem must be modular in order to suite different scenarios and applications: 

starting from high accuracy and high update rate systems down to ultra low 

power solutions with moderate accuracy. The reconfigurability is one of the 

biggest issues in RESOLUTION: several FMCW radar approaches were 
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investigated in order to find the optimum solutions for the targeted scenar-

ios. 

 
 

 

source: RESOLUTION Annex I

Figure 1.5 Architecture of the system unit. 

 

One the most promising approaches with respect to the accuracy is the one 

based on synchronized frequency ramps. The synchronization and distance 

measurement employing these units are explained in Figure 1.6. 
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source: RESOLUTION Annex I

Figure 1.6 Synchronized frequency ramp approach (STA: station). 
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This approach employs equal hardware for both the base station and the 

mobile unit. The mobile unit receives an enquiry from a base station and 

answers after a predefined time interval. The computing is done both in the 

base and in the mobile unit based on the roundtrip time of flight (RToF). 

The base stations do not have to be synchronized between them. 

Other approaches were already briefly mentioned: the indoor GPS, the re-

verse indoor GPS and the pulsed reflector. 

Indoor GPS also uses the same hardware for both units, the base and the 

mobile one. The computation is performed in the mobile unit using triangu-

lation based on the time difference of arrival (TDoA) of the signals of at 

least four base stations. Prior to the measurement all the base stations and 

the mobile unit need to be synchronized. The computed position can be then 

communicated to the base stations via WLAN link. 

In the reverse indoor GPS the scenario is nearly the same like in the indoor 

GPS, but with no distance computation in the mobile unit. The synchronized 

base stations receive the incoming frequency ramp and compute the distance 

again using triangulation based on TDoA. Thus the hardware for the mobile 

unit can be optimized for lower power consumption. 

Finally, in the last case a highly integrated and ultra low power solution was 

investigated. An active pulsed reflector is implemented as a mobile unit 

without any computing capability. The signal of a base station is received, 

regenerated, amplified and sent back modulated with an own frequency. The 

computation is done by the base station based on RToF. This case is similar 

to synchronized ramps, but with a very efficient, highly integrated mobile 

unit. However, the localisation accuracy is much lower. 

In addition to the positioning tasks, the system includes also WLAN func-

tionality. In the early phase of the project the idea was to develop a single 

reconfigurable front-end for both applications. Thus, a broadband receiver 

was supposed to be developed by our team capable of handling both FMCW 

radar frequency ramps as well as 802.11 WLAN data communication. How-

ever, parallel to the first chip design, a prototype test system was measured 

in two environments, manufactured with commercially available off the 

shelf components: 

1. Anechoic chamber, for investigating the best case scenario in order 

to reveal the lower limits of the approach. 

2. Large conference hall with area of 800m
2
 and strong multipath com-

ponents for investigating the worst case scenario. 
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An automated measurement vehicle was used for this purpose; thousands of 

measurements were performed throughout the full area of the rooms.  

Along with an 802.11n WLAN chipset, a bandwidth of 150 MHz and less 

than 25 mW of effective isotropic radiated power (EIRP) were used in the 

unlicensed ISM band around 5.8 GHz for the positioning system as speci-

fied. Two hardware combinations were tested as well: frequency division 

duplexing (FDD) and time division duplexing (TDD) as shown in 

Figure 1.7. 

 

WLAN

HPLS

WLAN

HPLS
FDDFDD TDDTDD

 

Figure 1.7 WLAN and local positioning coexistence. 

 

The first conclusion drawn from these tests was the need to implement a 

frequency division duplexing instead of the originally planned time division 

duplexing. Several reasons justified this choice, but the most important one 

concerns the WLAN data throughput, which suffers significant losses if the 

target real time localisation service wants to be achieved. Furthermore, a 

much more flexible system can be implemented consisting of two chipsets 

which don’t need to be both implemented for every scenario: in case of the 

active reflector only the localisation system is necessary. Meanwhile, cheap, 

power efficient, compact, commercially available WLAN chipsets entered 

the market and can be integrated in RESOLUTION hardware. Thus, after 

the first 8 months of project, we focused on the development of a front-end, 

which was specified only for the localisation system. The specifications are 

shown in chapter 1.4. However, very high isolation between the two sys-

tems must be achieved in order to avoid the mutual saturation and desensi-

tising. In case of a diplexer, like shown in Figure 1.5, and considering out-

put power levels in the range of 14 to 20 dBm, an isolation as high as 40 to 

50 dB is requested, which is quite challenging. A vary narrow band filtering 

must be achieved for the ISM band, thus very narrow band input matching 

is mandatory for the RF circuits. Furthermore, the idea was also not to use 

the WLAN channels close to the ISM band in order to reduce the mutual 

interference as much as possible. 
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Finally a rough performance summary for a base station, but depending on 

the scenario also mobile unit, is shown in TABLE 1-1. An extremely high 

accuracy is targeted in a mostly indoor environment, capable of real time 

localisation and high speed data communication under very low power con-

sumption. The hardware has to be compact as well, having approximately a 

form factor of a commercially available PDA. In case of an active pulsed 

reflector an even smaller size is requested with the dimensions of a simple 

tag. 

 

TABLE 1-1 TARGET SYSTEM PERFORMANCE 

Parameter Target Specification 

Resolution Best case: ~1 cm, worst case: ~10 cm 

Measurement time ~ 200 ms 

Coverage range 
> 70 m, indoor 

> 200 m, outdoor 

WLAN data speed 50 Mbit/s 

Max. RF output power ~20 dBm 

Power consumption 

3.6 V 

< 800 mA, active 

< 10 mA, standby 

Demonstrator size 
Base station: > 20×10×3 cm3 

Reflector: ~ 5×5×2 cm3 

 

The definition of the RESOLUTION system had obviously enormous con-

sequences on the hardware and therefore on the front-end receiver. At the 

beginning of the project the TDD solution was planned to be implemented, 

which implied a unique hardware for both tasks: a broadband 5 to 6 GHz 

receiver. The architecture was not defined yet. Thus some very rough speci-

fications were derived and used for the first chip design as shown in chapter 

3.2. Separating the hardware by choosing FDD changed automatically the 

requirements for the front-end, as already mentioned. A low IF architecture 

was defined with extremely challenging specifications as discussed in 1.4. 

At the same time when these decisions were taken, the technology changed 
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as well. This was a further difficulty that the RF designers had to over-

whelm. 

 

1.3 Target applications 

 

Even though several markets can be addressed by RESOLUTION, the con-

sortium mainly focused on two indoor fields. The first one is interactive and 

cultural guiding, where the position of a small transmitter connected to a 

PDA is implemented. The other field is an industrial application like auto-

mated guided vehicles (AGV) in smart factories. The idea behind smart fac-

tories is that the position of every operating part, fabrication tool, transport 

machinery or maintenance worker is known at any time inside the factory 

self. Several advantages can be pursued by implementing a global host ca-

pable of an automatic and wireless management of the resources: it enables 

an efficient use of fabrication tools and machines, the optimization of mate-

rial flow, a reduced fabrication time and costs by high level of automation, 

collision avoidance and increased security. Figure 1.8 outlines a typical ap-

plication scenario within a fabrication hall. 

 

 

source: RESOLUTION Annex I

Figure 1.8 Smart factory application. 

 

This scenario implies high data rates and high number of mobile stations. 

For this reason the indoor GPS solution seems to be the most suitable one. 

For a very high precision system with a lower number of mobile stations a 

multiple antenna mobile unit can be combined with a multiple antenna in-
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frastructure network. In case of wireless sensor networks it is necessary to 

coordinate the mobile nodes and to have signal processing in the infrastruc-

ture network: this feature can be fulfilled by the reverse indoor GPS solu-

tion. Thanks to the reconfigurability of RESOLUTION it is possible to sat-

isfy all these different demands. 

The second promising application, interactive and cultural guiding, is illus-

trated in Figure 1.9. 

 

 

source: RESOLUTION Annex I

Figure 1.9 Interactive guiding application. 

 

Real-time based active mapping, e.g. for advanced sightseeing, in museums, 

shopping areas and amusement parks are the potential markets for this ap-

plication. The positioning is marked in a PDA based map and can be trans-

ferred to a server. Location-aware services can be applied to increase the 

amusement and information quality. For this scenario a small and power-

efficient transponder tag was developed by the consortium. This transponder 

conforms to the Compact Flash Card Type II specifications. The tag com-

prises a CF interface IC, a CPLD for logic control, the RESOLUTION 

BiCMOS synthesizer, and an integrated PCB antenna. An off the shelf PDA 

controls the tag, that is plugged into. 
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For demonstrator purpose a large hall at SIEMENS AG and the National 

Archaeological Museum of Athens were planned. Anyway, for the commer-

cial implementation of RESOLUTION system markets like assisted living, 

interactive location-based games, supermarkets, healthcare and security ap-

plications will be addressed. 

 

1.4 Definition of the receiver requirements 

 

Six months after the project start deeper analysis of the system was per-

formed by our colleagues. The main novelty in this analysis was the split-

ting of the localisation system from the data communication. It was demon-

strated that the original idea of using one single front-end for both the local 

positioning and for WLAN link was not realistic. Thus the consortium de-

cided to concentrate on the development of the positioning front-end and to 

implement, on a system level, a commercially available WLAN chipset. 

Therefore, a new discrete experimental set up was implemented and the fi-

nal requirements were defined, which were used for the further development 

of the RF front-end. 

The minimum signal to noise ratio (SNR) is defined by the accuracy of the 

positioning system. For the first prototype implementation an accuracy of 

12 cm was specified corresponding to 30 dB of SNR. 

Given a specified bandwidth of a receiver, the thermal noise density of a 

noiseless receiver is defined as follows: 

 

( ) ( )BWHzdBmBWkTN T log10/174log1000 +−=+=  (1-3) 

 

The bandwidth is directly derived from the minimum filter bandwidth of 

FMCW system: for a dwell time (duration of a single frequency ramp) of 

1 ms, ∆f is 1 kHz and using a 12 bit FFT 

 

MHzfBW
BIT

096.42 =⋅∆=  (1-4) 

 

Furthermore, the window function suppresses 50% of the noise bandwidth 

resulting in N0T = – 110.9 dBm for a noiseless receiver. 
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We can now introduce the sensitivity for a noiseless receiver, which is de-

fined as 

 

dBmSNRNP TS 9.8000 −=+=  (1-5) 

 

At this point the noise figure of the receiver was defined as the difference 

between PS0 and the sensitivity of the FMCW positioning system (which 

was already specified to be – 77 dBm) 

 

dBPSNF S 9.30 =−=  (1-6) 

 

And finally the thermal noise floor of the receiver can be derived as follows: 

 

dBmNFNN Tth 1.1060 −=+=  (1-7) 

 

After these noise considerations, the linearity of the receiver was analyzed 

as well and following requirements were defined. 

The third order intermodulation is given by the difference between the 

maximum input power of the FMCW positioning system (defined at  

– 30 dBm) and the required SNR. Therefore: 

 

dBmSNRPP MAXINT 60−=−=  (1-8) 

 

And considering a margin of 3 dB, we can express the third order input in-

terception point as: 

 

2
3 3IM

PIIP INT

∆
+=  (1-9) 

dBPPIM INTMAX 33 +−=∆  (1-10) 

 

Thus, an IIP3 = – 13.5 dBm is specified. The input 1 dB compression point 

is assumed to be 10.7 dB below the IIP3, therefore IP1dB = – 24.2 dBm. 
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Finally, considering the maximum input power PMAX = – 30 dBm and the 

sensitivity of the receiver S = – 77dBm, the gain control range can be de-

fined as: 

 

dBSPGCR MAX 47=−=  (1-11) 

 

Assuming a 3 dB gain control step for a digitally controlled variable gain 

amplifier, the bit control word is given by: 

 

STEP

BITS
GCGCR ⋅= 2  (1-12) 

 

Thus a 4 bit control world is required to cover the whole gain control range. 

At this point, after the first analysis of the receiver requirements, the consor-

tium was able to define the architecture, perform several link budget simula-

tions and define the specifications for the single components. 

TABLE 1-2 shows the main parameters of the cascaded performance for the 

FMCW localisation receiver. 

 

TABLE 1-2 CASCADED PERFORMANCE 

Parameter Specifications Units Comments 

RF frequency 5.8 GHz  

IF bandwidth 4 MHz  

NF < 4 dB LNA+Mixer 

Voltage Gain 37 < GV < 84 dB  

IIP3 – 14 dBm LNA+Mixer 

IP1dB – 24 dBm LNA+Mixer 

 

As already mentioned, starting from the cascaded performance link budget 

simulations were performed and the specifications for the single compo-

nents were defined as well. Being the first stage of the receiver, the low 

noise amplifier is the most important stage in terms of overall noise and 

gain. This is easily demonstrated again through the Friis formula (3-1). Out-

going from the receiver specs, we can observe that a very low IF bandwidth 

is requested. This implies a design of a very high gain and low noise RF 

front-end in order to suppress the effects of the low IF circuitry on the over-
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all noise and therefore sensitivity of the receiver. This can be observed for 

both the LNA and the mixer gain and a very low noise figure for the two 

circuits. These two building blocks were also the most challenging part of 

the receiver design. TABLE 1-3 shows the main parameters for the low noise 

amplifier. 

 

TABLE 1-3 LOW NOISE AMPLIFIER 

Parameter Specifications Units Comments 

RF frequency 5.8 GHz  

RF bandwidth > 150 MHz  

NF < 3 dB  

Power Gain 20 dB  

IIP3 – 10 dBm  

IP1dB – 20 dBm  

Zin 50 Ω  

 

The comparison of the incoming frequency ramp with the internal one is 

performed by the downconversion mixer. The RF and the LO signals are 

frequency ramps, which constant frequency difference results in a low IF 

sine at the output. The mixer specifications are listed in TABLE 1-4. 

 

TABLE 1-4 DOWNCONVERSION MIXER 

Parameter Specifications Units Comments 

RF frequency 5.8 GHz  

RF bandwidth > 150 MHz  

IF bandwidth 4 MHz  

NF 10 dB SSB 

Voltage Gain 13 dB  

IIP3 0 dBm  

IP1dB – 8 dBm  

 

In order to reduce the demands on the IF circuitry, especially concerning the 

analog to digital converter (ADC), the large input dynamic range should be 

compensated by a variable gain amplifier (VGA). This amplifier should 

ideally deliver a constant output voltage swing in order to maximize the 

analog to digital conversion efficiency. The servo loop should be performed 
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by the FPGA, which, after sensing the voltage swing currently supplied to 

the ADC, modifies the gain of the amplifier by a 4 bit word by steps of 

3 dB. Thus, no implementation of fully analog automatic gain control 

(AGC) was required, even though this solution should be considered for 

future work in order to ease the design of the whole front-end and enhance 

the commutation speed. 

Finally, the specifications for the IF variable gain amplifier (VGA) are 

shown in TABLE 1-5. 

 

TABLE 1-5 IF VARIABLE GAIN AMPLIFIER 

Parameter Spec. Units Comments 

IF frequency 2 MHz can be shifted to 3-4 MHz 

IF bandwidth 4 MHz  

Max gain 54 dB  

Min gain 7 dB  

Gain control range 47 dB  

Gain control step 3 dB  

Gain control bits 4 bits  

NF 15 dB at high gain 
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2 Semiconductor Technology: 

180 nm BiCMOS and 130 nm CMOS Process 

 

 

 

2.1  Downscaling of silicon processes 

 

Over the years, the development of the silicon industry, thus the down-

scaling of the semiconductor technologies has been driven by the digital 

circuits. The submicron and deep submicron processes allowed an incredi-

ble enhancement of the digital circuit speed and density, reducing the fabri-

cation costs and the power consumption. Unimaginable levels of integration 

were achieved and all the predictions of the technology limits were de-

feated. The benefits of these downscaling possibilities are surrounding us in 

the world we are living. However, the step towards full CMOS integration 

of both the digital and the analog circuitry introduces some negative aspects 

of the new semiconductor technologies. Low power, low voltage silicon-

based technologies have recently been developed to produce highly inte-

grated mixed mode circuits for wireless applications, which dramatically 

improved productivity and performance for the industry [23]. Nevertheless, 

the most critical issue in this trend concerns the analog design and is given 

by the short-channel effects. 

In order to present briefly the obvious advantages, but also the drawbacks of 

downscaling it is necessary to analyse simplified models of the physics be-
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hind the semiconductor devices. Figure 2.1 depicts the simplified cross-

section of a MOSFET. A single finger N-MOS device is shown. 

 

p-substrate

bulk source drain
gate

N+N+P+ 

depletion
channel

 

Figure 2.1 Simplified cross section of an N-MOS transistor in ON state. 

  

The figure represents the device in saturation region, beyond the pinch off. 

The depletion layer and the classical channel (inversion layer) representa-

tion for a MOSFET can be observed. 

The well known small signal equivalent circuit is depicted in Figure 2.2. 

Only the main intrinsic parasitic effects are considered: gate resistance, 

gate-source and gate-drain capacitance and output conductance. 
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Figure 2.2 Intrinsic equivalent circuit of an N-MOS. 

  

If we consider the well known equations for the input and the output current 

and set the short circuit current gain to 1, one can easily show that the cut-

off frequency depends, in first order, from the input capacitances Cgs and 

Cgd and the transconductance gm, which is proportional to the drain current 

flowing through the device. 
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In this simplified, but intuitive analysis, the RF characteristics of a single 

transistor can be improved only by incrementing the drain current or by 

downscaling. For a given technology increasing the drain current, thus the 

transconductance has also limits, not only due to the power constraints. A 

saturation of ft can be observed for higher current values, since gm becomes 

independent from biasing due to the saturation of the carrier velocity. A 

simple example is given by the following figure. A 1.8 V supply voltage is 

applied for an N-MOS and a P-MOS with 180 nm gate length, minimum 

gate width of 960 nm and 2 fingers. 
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Figure 2.3 ft vs. gate-source voltage for an N-MOS and a P-MOS with 

L = 180 nm, W = 960 nm and nf = 2. 

  

If we now consider the noise contribution in the intrinsic device it is neces-

sary to enhance the equivalent circuit shown in Figure 2.2. The main contri-

butions are clearly represented by the noise current sources: the thermal 

channel noise current, the gate resistor thermal noise current and the in-

duced gate noise current, 2

di , 2

rgi  and 2

gi  respectively. 
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Figure 2.4 Intrinsic equivalent circuit of an N-MOS with noise contribu-

tors. 

  

The nature of the first two contributors is well known, whereas the induced 

gate noise is correlated to the channel thermal noise: it is a portion of the 

channel noise capacitive coupled to the gate node and can be interpreted as 

gate current, which explains the symbol in Figure 2.4. The analysis of these 

noise contributors is extremely complicated. Most of the transistor models 

used for simulation purposes implement the van der Ziel expressions [24] 

for the power density of the channel thermal noise and induced gate noise: 

 

04 di kTgS
d

γ=  (2-5) 
( )

0

2

4
d

gs

gi
g

C
kTS

⋅
=

ω
δ  (2-6) 

 

γ and δ are device depending constants obtained empirically, k is the Boltz-

mann constant, T is the room temperature und gd0 is the transistor output 

conductance when the drain-source voltage is 0. In most of the cases the 

value of the transconductance gm is taken [25]. Starting from these equations 

and including the simple expression for the gate resistance contribution in 

terms of voltage noise, grkT ⋅4 , it is possible to determine the input referred 

noise sources  vn and in of a noiseless device and, by means of this, the four 

noise parameters Fmin, Rn, Gopt and Bopt [26]. Actually, only the first one is 

interesting for this section, since it has a direct relationship with the cut-off 

frequency as shown in the following expression: 
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gd

t

rg
f

f
F ⋅⋅+≈ 0min 1 γ  (2-7) 

 

As we can see, the downscaling of the channel length of a MOS transistor 

definitely improves the speed and the noise performance of the device. 

Along with the reduction of the power consumption for integrated circuits, 

low voltage supplies challenge the analog designers: starting from a 5 V 

power supply for a simple low noise amplifier some years ago, the new 

technologies dramatically reduced this value down to 1 V and below. Trying 

to bias a circuit under these conditions without worsening the transistor 

properties becomes an art. 

The reduction of the power consumption is a huge benefit achieved on costs 

of the overall circuit performance. Actually, in order to preserver these high 

performances, it can be observed that the power consumption increases 

when moving to new technologies [27] for the analog circuitries. 

Another problematic issue of the CMOS downscaling is the gate leakage. 

And this not only for the RF applications, but for the digital design as well. 

The thickness of the oxide has been scaling down almost linearly with the 

channel length. The electron tunnelling through the thinner and thinner gate 

oxide imply that the input capacitance of a MOS transistor shows also a 

parallel tunnel conductance. Thus the standby power consumption due to the 

static gate current is increased in the digital systems and the circuit func-

tionality is affected in the RF designs. 

However the analysis of these complicated phenomena would go beyond the 

purpose of this work. After this short survey of the benefits and the draw-

backs of the technology downscaling, we can now focus on the two proc-

esses that were used for this work. 

 

2.2 180 nm BiCMOS technology 

 

MOSIS is offering access to the IBM 0.18 micron SiGe BiCMOS 7WL 

technology for prototype and low volume fabrication. This BiCMOS SiGe 

process offers 7 metal layers (M1, M2, M3, M4, MT, E1, MA). The thick 

top metal layer can be used to implement inductor spirals. Supply voltages 

are 1.8 V core and 3.3 V I/O. 7WL process provides a digital library as well, 

which was necessary for the design of the frequency synthesizer (the most 
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important building block in the RESOLUTION system responsible for the 

frequency ramp generation), especially its phased-locked loop. Furthermore, 

it was very useful for the design of the digital part of the variable gain am-

plifier: the demultiplexer. Figure 2.5 shows the cross section of the wafer. 
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Figure 2.5 Cross section of the BiCMOS 180 nm technology. 

 

The substrate resistivity of this process is 11 – 16 Ωcm. A twin well CMOS 

technology on P
-
 substrate with deep trench (DI) and shallow trench isola-

tion (STI), SiGe EPI base NPN with ft = 60 GHz for high performance are 

included. The basic devices offered by this technology are: thin oxide sur-

face channel NFET and PFET, NPN HBTs, Schottky diodes, ESD devices, 

inductors, bondpads, RF interconnect lines, transmission lines, thin oxide 

MOS varactors, resistors and metal-insulator-metal (MIM) capacitors. 

Following, a deeper insight will be given only for the devices that were used 

in this work. 

 

2.2.1 MOS transistors 

 

Apart from the standard N-FETs and P-FETs, this process is also offering 

triple well transistors and devices with a higher oxide thickness and mini-

mum channel length for 2.5 and 3.3 V applications. Finally a zero threshold 
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N-FET with channel length of 700 nm is available as well. The models used 

in this process are based on BSIM3v3.2.4. This includes all the main fea-

tures of the sub-micron devices like the reduction of the mobility due to 

vertical fields, the carrier velocity saturation, the bulk current, short channel 

and narrow channel effects and the temperature dependence of the device 

behaviour. The equivalent circuit is very similar to the one shown in 

Figure 2.4, but the equations describing the device behaviour are much more 

complex and can be found in the BSIM3v3 manual [28]. In this work stan-

dard P-FETs and N-FETs were used, the dimensions are given for every 

circuit in the following chapter. For high frequency circuits a special modi-

fied RF model and layout were implemented with a guard ring for substrate 

connection for better RF performance as shown in Figure 2.6. 

 

FET core

guard ring

substrate

contacts

 

Figure 2.6 Simplified layout of the RF FET. 

 

2.2.2 Spiral inductors 

 

There are mainly three different spiral inductor types that can be imple-

mented in this technology: the single layer configuration, using the top MA 

level, the parallel stacked inductor, using E1 and MA levels for very low 

sheet resistance and the series E1-MA topology for very high inductance per 

unit area. For the single layer and the parallel stacked layer it is also possi-

ble to use the symmetrical configuration. If we consider the simplified 



Semiconductor Technology 

36 

equivalent circuit of a single inductor [29], there are two possibilities to 

mitigate the coupling to the substrate. 
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Figure 2.7 Single inductor π-equivalent circuit. 

 

The ground plane can be chosen as trench isolated (TI) mesh or a Faraday-

like shielding on the first level M1. Both provide isolation from the sub-

strate reducing the losses, but with different side effects. With M1 ground 

plane the spirals can achieve a higher peak Q frequency and the overall 

noise coupling is reduced by the shielding effect, but the characteristics are 

less robust. The self resonant frequency is lower than with the TI plane due 

to the low impedance of M1. Even though achieving higher peak Q frequen-

cies, the inductors with M1 ground have a very sharp roll-of for the fre-

quencies beyond the peak. The designer should take advantage of the M1 

ground plane only if already experienced with the technology, since the tol-

erances are dramatically lower. A 0.41 nH single spiral shows a Q factor of 

20.3 with peak Q frequency of 15.1 GHz with TI ground plane, whereas 

with the M1 plane a value of 23.1 and 18.7 GHz peak frequency is achieved. 

This is also the highest achievable Q value for this structure. By using the 

parallel stacked 0.39 nH spiral with TI ground a maximum Q of 28.6 with 

19 GHz peak can be achieved. 

 

2.2.3 Metal-insulator-metal capacitors 

 

MIM capacitors are implanted by using the MT layer as bottom plate and an 

additional thin metal layer spaced from MT by a thin insulator as top plate 
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connected to E1. A dual MIM can be implemented as well by stacking an-

other additional thin insulator and metal layer connected to E1 as well. A 

cross section of these layers is shown in Figure 2.8. The area capacitance is 

2.05 and 4.10 fF/µm² respectively. Also in this case the parasitic capacitan-

ces to substrate can be mitigated by implementing a TI ground. 

 

 

Figure 2.8 Simplified cross section of single (to the left) and dual (to the 

right) MIM capacitor. 

 

2.2.4 Resistors 

 

Six different types of resistors can be implemented in this process: N
+
 and 

P
+
 S/D diffusion resistors, P

+
 polysilicon, RR polysilicon and RP polysilicon 

resistors and a K1 BEOL resistor. The respective sheet resistances are 72, 

105, 260, 1600, 165 and 61 Ω/□. Any length/width ratio is allowed for 

squares and rectangles. No other shapes can be implemented. In this work 

only the P
+
 polysilicon resistors were used since they show a good sheet 

resistance with the lowest body temperature coefficient (160 ppm/°C).  

2.3 130 nm CMOS technology 

 

MOSIS is also offering access to the IBM 0.13 micron CMOS 8RF-DM 

technology for prototype and low volume fabrication. This CMOS process 

offers up to 8 metal layers: M1, M2, M3 (3 thin), MQ, MG (2 thick), LY 

[Al], E1 [Cu], MA [Al] (three thick RF-top metals suitable for high-Q in-

ductors. Supply voltages are 1.2 V core and 2.5 V I/O. 

The substrate resistivity of this process is 1 – 2 Ωcm. A twin well CMOS 

technology on non-epi P
-
 substrate with shallow trench isolation (STI) is 

offered. The basic devices included in the this technology are: thin oxide 
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surface channel NFET and PFET, ESD devices, inductors, bondpads, RF 

interconnect lines, transmission lines, thin oxide MOS varactors, resistors 

and metal-insulator-metal (MIM) capacitors. No bipolar devices and no 

digital library are available. The latter is the main reason why this technol-

ogy was abandoned after the first wafer runs performed by the project con-

sortium. 

Figure 2.9 shows the cross section of the wafer. 
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Figure 2.9 Cross section of the CMOS 130 nm technology. 

 

2.3.1 MOS transistors 

 

Also this process offers several different transistors starting from the stan-

dard N-FETs and P-FETs with 1.2 V drain-source voltage, but also devices 

with a higher oxide thickness and minimum channel length for 2.5 and 

3.3 V applications. Low threshold (Lmin = 120 nm and Tox = 2.2 nm) and 

high threshold N-FETs and P-FETs (Lmin = 500 nm and Tox = 5.2 nm), thin 

and thick oxide zero threshold N-FETs (Lmin = 420 and 560 nm and 

Tox = 2.2 and 5.2 nm respectively) are available as well. The models used in 

this process are based on BSIM4 [30]. Compared to its predecessor, this 
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version of the BSIM model is fairly more accurate concerning some crucial 

points: it includes the different layout topologies in the core model consider-

ing the parasitic resistances and capacitances according to the selected lay-

out; a configurable substrate resistance network is included; an enhanced 

thermal channel noise model is implemented that takes into the account 

short channel effects; the effects of the gate resistance are included in the 

core model. This technology was only used for the development of the first 

folded mixer shown in 3.2.3. In this circuit the standard P-FETs and N-FETs 

were used optimized for RF applications with substrate guard ring very 

similar to the one shown in Figure 2.6. The only layout difference is given 

by the optimized connections in this technology, which lead directly to the 

second metal layer M2. This was not the case for the 180 nm. The exact 

dimensions of the devices are shown in the description of the design proce-

dure for this mixer. 

 

2.3.2 Spiral inductors 

 

The same observations done for the spirals in the 180 nm BiCMOS technol-

ogy are also valid in this process. The top metal layer is used for the single 

spiral and the two top layers can be used to implement the stacked parallel 

or the stacked series inductors. Also here a possibility to mitigate substrate 

coupling and losses is given by using the same metal grid on M1 or the BF 

layer, a bulk free of pwell underneath the device in order to maximize the 

bulk resistivity. Also in this case the M1 shielding will achieve a better 

noise decoupling and higher peak Q frequencies on expenses of design ro-

bustness and lower self resonance frequency. Again, for a 0.40 nH inductor 

a Q of 24.8 at 16.7 GHz can be achieved with a BF ground, whereas using 

the M1 shielding the same device shows a Q of 23.1 at 22.6 GHz. 

 

2.3.3 Metal-insulator-metal capacitors 

 

MIM capacitors are implanted by using the LY layer as bottom plate and an 

additional thin metal layer spaced from LY by a thin insulator as top plate 

connected to E1, just like in the 180 nm process. A dual MIM is then im-

plemented consequently. The same cross section depicted in Figure 2.8 can 
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be applied. No enhancement was achieved in terms of area capacitance, thus 

the single and the dual topology show 2.05 and 4.10 fF/µm² respectively. 

Also in this case the parasitic capacitances to substrate can be mitigated by 

implementing a NW ground, but the designer can also place devices beneath 

the capacitors. 

 

2.3.4 Resistors 

 

No significant improvements are to be reported for these devices. Two addi-

tional resistors are available, but not interesting for this work. Also here no 

length/width ratio restriction is given for squares and rectangles. No other 

shapes can be implemented. For the first mixer prototype the P
+
 polysilicon 

resistors were used, just as for the 180 nm technology, with a slightly differ-

ent sheet resistance, 340 Ω/□, and the lowest body temperature coefficient 

(77 ppm/°C).  
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3 Circuit Design 

 

 

 

3.1 Variable gain amplifier 

 

The first circuit presented in this chapter is actually the last of the receiver 

chain and it was also developed only in the last year of RESOLUTION pro-

ject. First as a standalone circuit, as shown in 3.1.3, then integrated in one 

chip with the other two building blocks (3.3.5), it was finally implemented 

as a standalone circuit in package on demonstrator daughter boards (4.1 and 

4.2). The architecture of the circuit was not modified throughout these steps, 

except from the device dimensions. These were modified mostly to suite the 

downscaling of the supply voltage from 3.3 V to 2.5 V, which took place in 

the last half of year of the project. Nevertheless this did not influence the 

overall performance of the circuit. 

3.1.1 Dynamic range requirements of receivers 

 

The dynamic range is an extremely important factor in modern communica-

tion technologies and concerns every real world system with channel losses. 

For local positioning this limits the area which can be covered by a position-

ing system. At the same time the signal amplitude driving an ADC should 

be constant in order to achieve the highest efficiency in the analog-digital 

conversion and avoid quantization noise. For these reasons it is necessary to 
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implement in almost every receiving path a variable gain amplifier, which 

can be externally controlled by the base band circuitry or be employed in an 

automatic gain control circuit (AGC). The control signal can be both digital 

and analog. Digitally controlled VGAs are mostly based on switched feed-

back resistors; in the analog control a continuous analog signal usually 

modulates the transconductance of the input transistors. The latter approach 

allows a smoother gain control but requires additional circuitry. On the 

other hand, digital implementation eases the analog design but for a wide 

dynamic range requires a large number of control bits. 

The amplifier presented in this work is the third building block of the 

RESOLUTION receiver. From a system point of view it is necessary to 

cover a very large dynamic range, from – 77 up to – 30 dBm of input power. 

As specified in 1.4, this 47 dB dynamic range should be compensated in 

3 dB steps by a variable gain amplifier. 

 

3.1.2 Circuit solutions 

 

One possibility to implement this circuit is to design a low noise amplifier 

with a variable gain. In literature numerous examples of LNAs with variable 

gain are presented, but they show usually very poor noise performance, 

definitely unsuitable for RESOLUTION challenging specifications. An im-

plementation of an automatic gain control circuit in the IF part of the re-

ceiver is the dominating standard. This circuitry can be completely autarchic 

with a servo loop regulating continuously the gain or driven by the baseband 

as in case of RESOLUTION: in the latter case the control signal can be both 

digital and analog: in the first case switching resistors are usually imple-

mented [31]; in the second, the transconductance of the gain stage is nor-

mally modulated [32]. The digitally controlled VGAs are the optimum 

choice in terms of complexity and cost: no additional circuitry is necessary 

since no servo loop is included and the digital word does not have to be 

converted to an analog signal. The only drawback is that the gain can be 

switched discretely by a predetermined quantity. This may represent a prob-

lem for some applications, but not in our case. As already mentioned a very 

common way to vary the gain of an amplifier is to implement switched 

feedback resistors or generally modify the value of the feedback resistors. 

This can be realized by means of a differential amplifier with variable resis-



Circuit Design 

43 

tor degeneration using a transistor in triode region as in [33]. This approach 

reduces the voltage headroom and also causes non linear effects, due to the 

highly non linear ohmic behaviour of the MOS transistor. Nevertheless, this 

circuit was the starting point for our design. 

3.1.3 VGA implementation 

 

The idea of a differential amplifier with a variable feedback was very attrac-

tive: we implemented a pseudo differential architecture in order to achieve 

higher common mode noise suppression and feed the differential AD con-

verter that was supposed to be implemented on the system board. A ladder 

of switched degeneration resistors was used to control the gain of the circuit, 

which did not affect the biasing and the voltage headroom. As it can be seen 

in Figure 3.1 the degeneration resistors Ri are seen only by differential sig-

nals. 

 

Mct Mct

Min Min
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Rload Rload

MDC
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M2in  M2in  

M2ct   

 

Figure 3.1 Simplified schematic of the VGA with CMFB. 

 

The input transistors are biased by current tails and use P-MOS transistors 

as DC feeds, but these latter are not used as active load. Rload were used to 

sense the common mode output voltage and generate a virtual ground for 

differential signals. The common mode feedback circuit (CMFB) compares 

the output common mode voltage with the reference Vref. Depending on this 

the current will vary and will be mirrored in the DC feeds bringing the out-

put voltage to the desired level [34]. In high gain amplifiers the common 
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mode level is extremely sensitive to device mismatch and other process tol-

erances. If not stabilized, it can force current sources to go into the triode 

region or cause an imbalanced biasing in the next stages. At the same time 

the sensing resistors are used as load together with a parallel load capaci-

tance Cpole. This adds an extra pole in the amplifier transfer function. The 

observed effects are an improved overall stability of the circuit and a filter-

ing function for unwanted higher frequencies. 

In TABLE 3-1 the device dimensions for the implemented variable gain am-

plifier are listed. The dimensions of the input transistor were chosen as large 

as possible in order to reduce flicker noise and achieve high transconduc-

tance values for a given low current, thus low power consumption. 

 

TABLE 3-1 DEVICE DIMENSIONS 

Device Dimension Units 

Min width 1200 µm 

Min length 400 nm 

Mct width 50 µm 

Mct length 1000 nm 

MDC width 210 µm 

MDC length 2500 nm 

M2in width 50 µm 

M2in length 1000 nm 

M2ct width 4 µm 

M2ct length 1000 nm 

M2DC width 14 µm 

M2DC length 2500 nm 

Rload 2900 Ω 

Cpoel 4 pF 

 

Flicker noise is mostly generated by the free carrier fluctuation in the chan-

nel due to the traps at the silicon-gate oxide junction. The noise power den-

sity is in first order inversely proportional to the device area [34] as shown 

in (3-16), but this is limited by the ft of the transistor. A cut-off frequency of 

approximately 2 GHz was simulated for this design, which is more than 

enough for the operation bandwidth. 
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Ri represents the degeneration ladder made of 16 different resistors. Each of 

these resistors is switched by a transistor pair in order to provide the same 

parasitic effects to both signals paths and keep the general layout symmetry 

in the circuit. In order to meet the gain and dynamic range specifications a 

second identical stage was designed cascaded to the first one. 

Having on one side 16 different degeneration resistors, but on the other side 

only 4 control bits generated by the FPGA it was necessary to implement an 

on chip de-multiplexer as well. For this purpose the IBM 7WL digital li-

brary was used. A simple implementation by means of inverters and AND 

gates is depicted in Figure 3.2. The biasing of the de-multiplexer is fully 

separated from the analog part in order to avoid any coupling of digital 

noise. 

 

 

Figure 3.2 Demultiplexer 4x16. 

 

Figure 3.3 Micrograph of the fabricated VGA. 

 

Before integrating it in the receiver chain, the VGA was fabricated and 

tested as a standalone circuit. Figure 3.3 shows the micrograph of the circuit 

whose active area is only 0.3 mm². 

The two stage VGA draws 3.9 mA from 3.3 V power supply. The digital 

part has a separate ground, as already mentioned, and is biased with 1.8 V 

drawing actually no DC current. The difference in the voltage supply was 

dictated by the 7WL technology constraints for the digital library. A supply 
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voltage higher than 1.8 V would have led to transistor breakdown in the 

digital building blocks. 

An example of the switching behaviour is shown in Figure 3.4: for simplic-

ity a gain variation of 6 dB is shown in relationship with the digital control 

word. 

Figure 3.5 depicts the gain compression at 500 kHz under the condition of 

minimum gain. 
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Figure 3.4 Simulated (solid line) and measured (dots) gain variation. 
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Figure 3.5 Sim.(solid line) and meas.(dots) IP1dB vs. Vin 

 

As shown in the figure, the amplifier reaches the 1 dB compression for a 

differential input voltage of 900 mV, which corresponds to 9 dBm in a 50 Ω 

system. 

Figure 3.6 represents the relationship between three different gain settings 

(approximately 7, 25 and 52 dB) and IF frequency in order to verify this 

relationship while switching the gain of the amplifier. The 3 dB bandwidth 



Circuit Design 

47 

is 7.5, 8 and 9 MHz respectively, thus well beyond 5 MHz fulfilling by that 

the system specifications. 

Finally we also tested the amplitude of the output voltage for the first har-

monic and for the third order intermodulation products (IM3). As it can be 

seen in Figure 3.7 there is almost no variation for both the main harmonic 

and for IM3 while decreasing the input signal and therefore increasing the 

gain of the amplifier. 

 

 

With 45 dB gain control range, the VGA shows a minimum gain of 7 dB 

and a maximum gain of 52 dB. A very good linearity is reported as well: the 

1 dB gain compression corresponds to 9 dBm input power in a 50 Ω system. 

The overall power consumption is only 13 mW and the active chip area is 

0.3 mm². 
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 Figure 3.6 Simulated (solid line) and measured (dots) gain vs. IF-

frequency at 7, 25 and 52 dB gain setting. 
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Figure 3.7 Measured 1
st
 harmonic and IM3 vs. gain variation. 
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The first VGA design proved the concept fulfilling all the system specifica-

tions. However some drawbacks were observed: the common mode feed-

back circuitry was extremely sensitive with respect to the DC biasing and 

the digital building blocks were ESD sensitive as well. We will see that one 

of the most important specifications suddenly changed for the RF designers: 

in order to have only one common voltage supply, all the circuits had to be 

redesigned for 2.5 V, thus the VGA amplifier as well. All these aspects were 

considered and implemented in the final redesign and integration of the am-

plifier. The results are presented in the last part of this chapter. 

TABLE 3-2 summarizes all the experimental results that were presented. 

 

TABLE 3-2 VGA PERFORMANCE SUMMARY 

Parameter Value 

GCR 45 

Gain 7 - 52 dB 

IP1dB 9 dBm 

PDC 13 mW 

 

3.2 Downconversion mixer 

 

Following the variable gain amplifier, we will now introduce the main part 

of this work: the design and implementation of a downconversion mixer. 

After a theoretical analysis of the main architectures of active mixers, two 

standalone circuits will be presented. We investigated mainly the folded 

mixer architecture in two different technologies. The first architecture 

(Folded-1) was fabricated with the 130 nm CMOS IBM process; following 

this, a folded mixer with current tail (Folded-2) and higher supply voltage 

was fabricated with the 180 nm BiCMOS IBM process: excellent results in 

terms of noise figure, conversion gain and linearity are reported for this cir-

cuit. It is not simple to make a direct comparison between the two mixers 

since they differ in the input and output frequency. Folded-1 was designed 

in the early stage of the project when the receiver specifications were still 

not completely defined: the mixer shows a large RF bandwidth of almost 

1 GHz and a high IF frequency around 500 MHz. On the contrary, Folded-2 

was designed when the consortium was able to precisely specify the system 

requirements, thus the RF bandwidth of 150 MHz at 5.8 GHz and the low IF 
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architecture with IF bandwidth of approximately 4 MHz. However, it will 

be shown that Folded-2 achieves higher performance in terms of noise even 

though it is affected by flicker noise, which is not the case for Folded-1. 

This is mainly due to the common mode node given by the current source 

and the layout techniques that achieved the highest physical symmetry in the 

circuit. Extremely important was also the on chip power supply filtering that 

was implemented for Folded-2. The effects of the blocking capacitors on 

board are shown already for Folded-1, but no on chip capacitors were im-

plemented in this case. A detailed analysis is given further on. 

It is important to point out that the folded topology can be implemented only 

for low power supplies. The breakdown voltage of the devices sets an upper 

limit, which is 1.9 V in case of the 180 nm BiCMOS technology. For this 

reason, when the consortium specified the common 2.5 V voltage supply for 

the complete front-end, other mixer topologies were implemented as well in 

this technology: a double-balanced mixer with a resonating inductor and LC 

tank; a double-balanced mixer with current bleeding technique. The latter 

two circuits were directly implemented on chip and integrated with the other 

building blocks, thus it is not possible to make a direct comparison with the 

folded architecture as standalone circuits. However, we can compare the 

performance of the receivers that will be shown further on in this work. 

 

3.2.1 Fundamentals of frequency conversion 

 

Mixer is the fundamental building block in a receiver: in this circuit high 

frequencies propagating through space are downconverted to baseband. The 

downconversion process is the multiplication of the incoming RF signal 

with a local oscillator. The frequency difference between these two signals 

determines the baseband frequency.  Since performing a frequency conver-

sion, the mixer is a non linear circuit and its analysis is quite difficult. 

Moreover, noise is also downconverted and can have a huge impact on the 

overall receiver performance. 

Depending on the system architecture, frequency planning and costs, differ-

ent receiver topologies can be implemented that directly influence the mixer 

design. The most common receiver architectures are heterodyne, low IF and 

direct conversion. The difference between these topologies is given by the 
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way they solve the problem of the image rejection. Figure 3.8 gives a visual 

representation of this topic. 

As we can observe, both the signal and the noise or interferers or both at the 

image frequency are downconverted to baseband. If the contribution of the 

image is very strong it could completely “cover” the signal leading to loss of 

information. For this reason it is necessary to implement a system which 

allows the selection of the frequencies that carry the information we need. 

 

ω

P

ωLO ωRF ωIMωIF  

Figure 3.8 Downconversion of the signal and its image. 

 

In the heterodyne receiver this is done by using an image reject filter. Being 

necessarily a band pass filter, this requires a significantly high IF frequency 

if we want to achieve good selectivity. The implementation of these filters is 

therefore expensive: external, non integrated surface acoustic wave (SAW) 

filters are used. Another consequence is that usually a second frequency 

conversion has to be performed. The first IF frequency is mostly too high 

for the commercially available, cheap baseband circuitry and AD convert-

ers. Thus the number of receiver components increases significantly and 

high density is hard to achieve due to the off chip SAW filter. Figure 3.9 

shows a simplified receiver schematic for this architecture. A practical and 

successful implementation is reported in [35]. 

Thus, an alternative architecture for high integration is necessary. This can 

be found in the direct conversion or zero IF. As the name says, the fre-

quency conversion is done from the RF signal directly to DC. This implies 

that the RF and the LO frequency are the same. Figure 3.10 depicts this ar-

chitecture. An interesting implementation for UMTS is shown in [36]. 
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In case of phase or frequency modulation it is necessary to have the two 

quadrature channels, I and Q. The sidebands of the input RF spectrum con-

tain different information and have to be separated into two phases in order 

to avoid corruption by overlapping. 
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Figure 3.10 Simplified schematic of a direct conversion receiver. 

 

A small modification of the direct conversion is the so called low IF archi-

tecture. In this case, the signal is downconverted to very low frequencies, 

kHz up to tens of MHz, avoiding the problems with the DC offset and show-

ing less flicker noise. Furthermore the ADC requirements are still modest 

since only frequencies in order of some tens of MHz have to be sampled. In 

this case no image reject filtering is possible due to the narrow bandwidth 

between the local oscillator and the RF signal, thus image rejection architec-

ture has to be implemented. Figure 3.11 shows the Hartley topology [37], 

which is a standard solution for low IF image rejection receivers. A famous 

implementation of the Weaver topology can be found in [38]. 

It can be easily shown that the spectra before the addition have the same 

polarity for the desired signal and an opposite polarity for the image. Thus, 

RF in

LO in

LNA Mixer

RF in
IF out

LO in

Mixer

Image 
reject 
filter

 
Figure 3.9 Simplified schematic of a heterodyne receiver. 
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in ideal case, no image results in the low IF output spectrum. Thanks to the 

rapid improvement of ADC performance and their lower cost, the analog to 

digital conversion is our days usually performed immediately after the low-

pass filtering, and the rest is done digitally. Compared to the other architec-

tures the low IF receivers require ADCs with higher performance, but the 

coupling between the analog circuitry and the ADCs can be realized by 

means of decoupling capacitors, which in turn eliminates the need for com-

plicated DC offset cancellation circuitry. The second big advantage of this 

topology concerns the complex image rejection mixer: this is implemented 

in the digital domain with no gain and phase I/Q mismatches. The correction 

of some I/Q imbalances can be performed by means of adaptive techniques. 

Thus, all the hard requirements in these terms are shifted from the analog to 

the digital part of the receiver. This fact eases significantly the work for an 

analog designer. 

 

sin(ω0t)

LNA

cos(ω0t)

LPF

LPF

0

90°

+

ω0 ω

ω

 

Figure 3.11 Hartley topology for low IF downconversion. 

 

Some important considerations concerning direct conversion and low IF 

receivers are given in [39]. 

 

3.2.2 Active mixer topologies 

 

After briefly analyzing several receiver architectures, it is now necessary to 

introduce the mixer circuit more in detail. There are three main topologies 

common for both the active and the passive mixers: unbalanced, single-

balanced and double-balanced. 
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The unbalanced mixer is a very simple architecture consisting of two tran-

sistors and a load resistor. Due to this low number of components it has 

theoretically the lowest noise figure. But the low robustness of this circuit is 

its main drawback. Firstly, it has a very low conversion gain. This fact 

worsens the overall noise figure of a receiver since the noise of the IF cir-

cuitry is much heavier through the Friis formula: 
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In (3-1) F is the well known noise factor defined as the contribution in terms 

of noise of a single circuit block as shown in (3-2). 
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The noise figure NF is then the logarithmic expression of this ratio. 

Therefore the constraints for the LNA become much harder in terms of gain 

and noise figure. Secondly, there is no common mode and common mode 

noise rejection, which is extremely important for direct conversion receivers 

and low IF architectures. Finally, the port to port isolation is very modest: 

RF to IF and LO to IF, but also LO to RF coupling is not rejected leading to 

self-mixing phenomena, saturation of the IF stages and general degradation 

of the signal. The unbalanced architecture is very sensitive to all kind of 

interferers as well and, due to all these reasons, not suitable for a wireless 

positioning system like RESOLUTION. Figure 3.12 depicts the unbalanced 

(to the left) and single-balanced (to the right) topology. The single-balanced 

mixer has several advantages compared to the unbalanced one. Even though 

having an extra transistor and one more resistor, thus a higher noise figure, 

it has a significantly higher gain, suppressing the noise influence of the IF 

stages, and a much higher robustness. The architecture still does not reject 

the LO to IF feed-through, but shows a very high suppression of the RF to 

IF and RF to LO coupling, reducing dramatically the common mode degra-

dation at the output of the circuit. Nevertheless, the overall performance is 

still not suitable for a robust, high precision, wireless positioning system. 
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Figure 3.12 Unbalanced (left) and single balanced (right) mixer. 

 

Due to its very high gain and robustness, excellent common mode and 

common mode noise rejection and high port to port isolation, the double-

balanced architecture seems to be the most suitable one in order to fit all the 

request of RESOLUTION front-end. 

A standard circuit solution for an active frequency downconversion double-

balanced circuit is the Gilbert cell mixer [40]. This famous architecture can 

be divided into three standard parts: the transconductance stage, the switch-

ing stage and the load. The simplified schematic of this circuit is shown in 

Figure 3.13. 

If we consider an ideal switching of the LO transistors by means of a square 

LO signal than the expression for the conversion gain can be calculated as 

follows: 
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In (3-4) the second term of the first line is the Fourier series of the ideal LO 

square signal, where only the first harmonic is contributing to the frequency 

conversion. Higher harmonics can be easily filtered out. The (3-5) is then 

the final expression under the assumption of ideal current commutation at 

the output. 
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Figure 3.13 Simplified schematic of the Gilbert cell mixer. 

 

The non linearity analysis can be limited to the transconductors. Obviously 

this is not completely true, but it is enough to understand the limits of the 

traditional Gilbert cell mixer. An excellent and exhaustive analysis is given 

in [41], which results are compared with the models implemented in design 

tools. However [41] offers an approximated but intuitive analysis of the 

phenomenon. Starting from the power series development of the RF current: 
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where gi represents the gain coefficients for the three orders, the third order 

interception point is defined as: 
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Now, considering the simplified expressions for both the transconductance 

and the third order interception point 
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one would suggest intuitively to increase the overdrive voltage, thus the 

drain current in order to achieve high gain and high linearity on expense of 

some more power consumption. This is unluckily not the case: more drain 

current draws more current from the mixer switches having two main ef-

fects: on one side a larger voltage drop on the load resistors reduces the 

voltage headroom, thus worsening actually the overall linearity; on the other 

hand a larger LO power is needed in order to switch the LO transistors 

properly and avoid signal loss as common mode. 

Noise analysis in active mixers is even more difficult than the linearity 

analysis. The mixer performs a frequency translation and therefore it is not 

linear time-invariant. Thus, standard noise analysis of active circuits cannot 

be applied. Anyway a very good approach is presented in [42]. The trans-

conductors contribute only with the white noise, which is directly downcon-

verted to the IF band. As derived by [42], the noise contribution of the 

transconductors at the output can be expressed as: 
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where Rs is the source resistance, rg the gate resistance, γ is technology de-

pendent (usually 2/3), k is the Boltzmann constant, T is the absolute tem-

perature and α is ideally 1 if the LO signal is very large and the current is 

perfectly commuted. In this ideal case the LO switches do not contribute do 

the white noise of the circuit. In real world, for high LO amplitudes, their 

contribution is much lower than the one of the transconductance stage. 

[42] demonstrates that the noise spectral density of the switching pair is: 
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where gm,LO1-2 are the transconductances of the LO switches and thus G(t) is 

the transconductance of a single switching pair during the transition time t 

when both transistors are on. Thus Sn,LOpair is a time-varying power spectral 

density. Using the average value of this function and with some maths it can 

be shown that the contribution of one switching pair to the output noise is: 
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This implies that a low bias current and a high LO amplitude is needed in 

order to reduce the noise contribution of the switching quads. Additionally, 

the gate resistance of these transistors has to be considered as well: 
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This equation is valid only for the Gilbert cell, where the external noise pre-

sent on the LO port is rejected. If we assume a large LO amplitude and con-

sidering the contribution of the load resistors as well, a rough estimation of 

the overall NF of the double-balanced mixer can be expressed as: 
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The equations (3-10) to (3-14) allow us to give a first estimation of the 

overall noise of a mixer if neglecting the flicker noise contribution. This is 

acceptable for high intermediate frequencies, but for direct conversion and 

low IF architecture one has to consider the signal degradation due to the 

flicker noise. 

In first approximation the transconductance stage has no contribution in 

terms of flicker noise, since this is upconverted and easily filtered out at the 

output. Thus, the analysis should focus on the LO switches. Their contribu-

tion can be divided in two parts: direct and indirect flicker noise generation 

or translation. A detailed analysis of this phenomenon can be found in [43]. 
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The direct mechanism is caused by the finite slope of the LO transition (the 

time that both transistors are on). In [43], a very detailed analysis is per-

formed, coming to the following expression for output noise current: 
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The equation (3-16) is well known and defines the equivalent flicker noise 

of a switching pair: it is clear that the main contribution is given by the 

physical dimensions of the transistors. Nevertheless, the translation of this 

equivalent noise depends on the mixer characteristics. This is shown in 

(3-15). The average output noise current is directly proportional to the bias 

current I, but can be reduced by means of a large slope S and LO period T. 

For a sine wave the product of these two values is
LOVTS ⋅=⋅ π4 . Thus, a 

large LO amplitude reduces the flicker noise contribution in the direct 

mechanism (3-17). 
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Choosing large LO switches would reduce the equivalent flicker noise, but 

it would cause a large tail capacitance at the transistors source. A simplified 

representation of this is shown in Figure 3.14. 

A larger tail capacitance Cp has two consequences: it shunts more RF cur-

rent to ground causing signal losses and it is responsible for the indirect 

translation of flicker noise to the mixer output. Again, the detailed analysis 

of this mechanism is shown in [43] and the expression for the output current 

noise is derived. This is shown in (3-18). 
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Thus, the tail capacitance influences directly in two different ways the sig-

nal to noise ratio of the mixer: shunting a part of RF current to ground and 

translating the flicker noise to the mixer output in the so called indirect 

mechanism. 
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Figure 3.14 Simplified schematic of a switching pair. 

 

It is well known that the double-balanced structure, with respect to both RF 

and LO signal, has a significantly lower common mode noise and second 

order distortion and a very high LO to IF and LO to RF isolation (40 to 

60 dB) if the circuit layout is perfectly symmetrical. The standard perform-

ance of a Gilbert cell is: voltage conversion gain as high as 10 dB, NF about 

15 dB and IIP3 around 0 dBm, consuming approximately 10 to 15 mW. 

However three stacked transistors imply quite high voltage supplies in the 

order of 2.5 V or higher. This is a serious drawback of this architecture with 

respect to power consumption. At the same time a reduction of supply volt-

age leads to worse linearity performance. A second issue is the voltage con-

version gain CG. In order to increase the mixer gain there are only two or 

three possibilities as shown in (3-5): to increase the current flowing through 

the transconductors or to increase the load impedance or both of them. For a 

given current there is a limitation for increasing the load resistors because of 

the voltage drop across these resistors. On the other hand, higher current 

through the transconductors improves gain and linearity of the mixer but 

forces more current to flow through the LO switches. The latter effect 

causes a non ideal switching, which means that both switching transistors 

are simultaneously in on state for a longer time. Thus, more and more RF 

current is lost as common mode signal. For a given LO amplitude, the 

switching transition time of the transistors can be reduced by reducing the 

drain current flowing through them. As shown in (3-15), large current and 

non ideal switching worsen the overall noise figure with flicker noise con-

tribution. An improved differential architecture can be introduced at this 

point that overcomes some of these drawbacks. 

One possibility to enhance the performance of the standard Gilbert cell is 

offered by the so called current bleeding technique. The simplified single-

balanced version of this topology is shown in Figure 3.15. 
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Figure 3.15 Simplified schematic of a single balanced mixer with current 

bleeding. 

 

The bypass current Ibleed reduces the DC current through the switches and 

allows at the same time an increase of load resistors, thus improving the 

conversion gain for a given LO signal amplitude. The noise contribution of 

the switching stage is also reduced, because of the lower DC current flowing 

through the switches. This current reduction implies a larger load impedance 

of the RF transconductors. The current source used for the bleeding has fi-

nite impedance as well (Rbleed). Thus, a partition of the RF current is ob-

served and can be expressed, as shown in [7], as follows: 
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Analyzing (3-19) the following considerations can be done: bypassing the 

DC current from the switches to the bleeding source improves the conver-

sion efficiency and reduces the flicker noise contribution of the LO transis-

tors, but at the same time increases the source impedance (gm,LO1 and gm,LO2) 

seen from the RF transconductors. Thus, we can assume that a larger 
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amount of RF current flows into the bleeding circuit, causing therefore con-

version losses. 

As already mentioned, in first approximation the current bleeding circuit, if 

realized by means of a simple P-MOS transistor, contributes to the overall 

noise figure with its thermal channel noise: 

 

bleedmpbleedn gkTfS ,, 4)( γ=  (3-20) 

 

Thus, the overall noise figure of this topology for the double-balanced im-

plementation as shown in [7] is approximately: 

 

( )

sRFm

bleedmp

L

LOgLORFmRFmRFgRF

SSB

Rg

g
R

GrGggr

NF
2

,2

,

2

,,,,2

4

2
1

442

4

π

γγγ
π

+++++

+=  (3-21) 

 

[7] offers an elegant solution to reduce to minimum the contribution of the 

current bleeding sources. By using only one source as common mode, con-

nected to the two transconductors by two LC circuitries, the noise is ideally 

removed at the differential output. This is correct only under the assumption 

of an ideal common mode rejection ratio. The LC networks are designed as 

an RF current notch in order to reduce the signal losses due to a non ideal 

impedance of the current source. Anyway, implementing two LC tanks is 

quite expensive in terms of chip area. 

Finally an additional common mode feedback circuitry has to be imple-

mented as well for the biasing. This avoids mismatches between the current 

injected and the one drawn by the current tail of the mixer. The biasing of 

this architecture is extremely critical and must be carried out carefully. 

Concluding, current bleeding is definitely a technique that allows a signifi-

cant improvement of the mixer performance compared to a standard Gilbert 

cell: the supply voltage can be reduced, the conversion gain and the linearity 

improved, but the noise figure remains still an issue. There is a significant 

improvement in terms of reduction of the flicker noise contribution, but the 

overall white noise of the circuit is higher. Solutions that overcome this in-

crement are mostly bulky, and therefore expensive in terms of chip area. 
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3.2.3 The folded mixer 

 

The first mixer prototype, called Folded-1 in the introduction, was designed 

in an early stage of the project: not all the specifications were defined for 

the RF front-end. With the time some of them changed in order to better fit 

system requirements. This circuit was designed for a very large RF band-

width, 5 to 6 GHz, since the original architecture was supposed to process 

both the HPLS signals as well as the WLAN data. The splitting of these two 

front-ends was decided afterwards. The IF band was also different: in this 

first design an IF frequency at 500 MHz was chosen. Nevertheless, this de-

sign allowed us to test the features of the folded mixer topology, even 

though we didn’t have to consider the problem of flicker noise due to the 

high IF frequency. As already mentioned, in order to achieve the best con-

version gain, noise and linearity performance, it is necessary to find a way 

to bias the transconductors and the LO switches independently from each 

other. We already analyzed the possibility to inject some bias current in the 

final part of 3.2.2. A further improvement of this approach is to completely 

separate the biasing of the transconductors from the switching quads: the 

folded structure. Figure 3.16 depicts a folded Gilbert cell mixer with 

grounded RF trans-conductors, which means without a common current tail. 
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Figure 3.16 Simplified schematic of the folded differential mixer 

(Folded-1). 
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In a differential architecture this implies a lower common mode and com-

mon mode noise rejection, but this choice was justified by the very low 

power supply. In literature this architecture is also called pseudo-differential 

due to the fact that it doesn’t have a common mode node. The DC voltage of 

1.2 V is applied using two inductors. These were designed to resonate with 

the parasitic source capacitances of the switching transistors (Cp in 

Figure 3.14 and Figure 3.17) at the central frequency, which is 5.5 GHz. 

This improved conversion efficiency and noise performance of the mixer, 

since the parasitic capacitances of the switching stage do not shunt the sig-

nal current if neutralized by inductors at the desired frequency. 

Figure 3.17 shows the simplified schematic of this part of the circuit. 

 

LO+ LO-

Cp

IDC
+
I
RF

 

Figure 3.17 Simplified schematic of a switching pair. 

 

The lower part consists of the RF transconductor (bottom transistors in 

Figure 3.16). When analysing this part we have to keep in mind the equation 

(3-18). The indirect translation of flicker noise to the output is directly pro-

portional to both the tail capacitance Cp and the LO frequency ωLO. Thus, 

neutralizing Cp will minimize the indirect flicker noise translation by using 

an inductor L, derived from LC1=ω . 

The RF transistors are grounded in order to use the maximum of the voltage 

headroom and therefore improve the linearity of the mixer. An LC tank as 

current source would achieve a higher common mode rejection [44] and a 

higher common mode noise suppression, but for the price of a larger chip 

area. For this reason particular attention was dedicated to the symmetry of 

the layout. The inductive degeneration provides both stability and real part 

at the input of the gates. 

The input 50 Ω matching is provided by serial inductors connected to the 

gates of the transistors. The inductors are the most bulky elements in the 

circuit, but are necessary in this early part of design. 
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Through integration with other components the source and the gate induc-

tors of the input transistors will not be implemented reducing dramatically 

the chip area and therefore the costs. In order to define the dimensions of the 

input transistors we calculated first the optimal width [45] for minimum 

noise using equation (3-22): 
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ω3

1
≈  (3-22) 

 

The value was successively modified in order to meet also gain, linearity 

and power consumption constraints, using the equations (3-5) and (3-23) 

and targeting a current consumption of less than 10 mA. Input matching was 

also an important factor considered during the choice of the transistor width. 

Larger transistors require smaller inductors for matching which reduces the 

chip area. 
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The LO switches were biased with an overdrive voltage close to zero (where 

the threshold voltage is about Vt = 0.4 V). The current flowing through them 

is some hundreds of microampere in the off state. Large transistors show a 

lower on-resistance and therefore improve matching and linearity with re-

spect to the RF transconductors. However, they incorporate higher parasitic 

capacitances and worsen the overall noise of the mixer and the driving re-

quirements. Thus the dimensions of the switches need to be chosen as a 

trade off between linearity and noise [2]. 

Finally, the output of the mixer is buffered with source followers in order to 

realize 50 Ω output impedances. The buffers are only for measurement rea-

sons biased with a large drain current in order to match to 50 Ω and this will 

not be required later on for the completely integrated receiver. 

The mixer was designed and manufactured in IBM CMOS 8RF 0.13 µm 

technology that was introduced in Chapter 2. The dimensions of the die 

without pads are 1024 x 788 µm². Figure 3.18 shows the die micrograph. 

The RF input pads can be seen on the left side, the IF output is on the right 

side; the LO signal is applied on the bottom pads, whereas the DC voltage 

pads are on the top side of the chip. 
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Figure 3.18 Folded-1: die micrograph. 

 

TABLE 3-3 shows the dimensions of the single components in the circuit: 

 

TABLE 3-3 DEVICE DIMENSIONS: FOLDED-1 

Device Dimension Units 

MRF width 90 µm 

MRF length 120 nm 

MLO width 60 µm 

MLO length 120 nm 

LG 5.3 nH 

LS 3 nH 

LDC 1.6 nH 

RL 450 Ω 

 

Firstly the measurements were performed directly on-wafer at several chips. 

180° hybrid combiners/dividers were used at coaxial level providing the 

differential signals and the Agilent E4440A spectrum analyzer as receiver 

for gain and noise measurements. A large discrepancy between the simu-

lated and measured results was observed concerning the noise. We expected 

to predict properly the experimental results by means of accurate EM simu-

lations of the layout interconnections, input and output pads and spiral in-

ductors. This EM-Schematic co-simulation led to an accurate prediction in 

terms of conversion gain, but not in case of noise figure. There are three 

main reasons for this discrepancy. The first one concerns the design: insuf-

ficient on chip filtering of the power supply leads to a significantly higher 

noise in the circuit. Its contribution can be quantified in about 1 to 2 dB. 
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Another 1 dB uncertainty is given by the measurement method: the Y-

Factor method. And finally a 0.5 to 1 dB uncertainty is given by the transis-

tor models as well. Anyway, the main reason for the observed discrepancy 

is the “dirty” power supply, which is not filtered properly on chip. For this 

reason we designed a PCB on a Rogers 4003 substrate in order to enhance 

the measurement setup. After bonding the chip on board, several blocking 

capacitors were added on the power supply as close as possible to the die. 

Different capacitance values were used in order to filter out a large fre-

quency band. The measurements showed that adding these blocking capaci-

tors improved dramatically the mixer performance in terms of noise, as we 

expected. The following figures show an excellent matching between meas-

urements and simulations in terms of conversion gain and a discrepancy of 

approximately 1 dB for noise figure due to the measurement setup. 

The mixer was designed for 0.5 V LO voltage amplitude, but with a larger 

voltage swing even better results can be achieved as shown in Figure 3.19. 
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Figure 3.19 Sim. (solid line) and meas. (symbols) CG and NF vs. VLO. 

 

A supply voltage of 1.2 V was applied and an overall current of approxi-

mately 8 mA was observed. The circuit was tested over a large value of 

supply voltages, from 1 V to 1.5 V, showing a very good performance also 

under low power supply conditions. This can be seen in Figure 3.20: also 

with VDD = 1 V the mixer shows 7.5 dB measured conversion gain and 

11.4 dB noise figure. This implies that the folded architecture is very robust 

also with respect to power supply variations and exhibits promising per-
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formance for extremely low power applications as well, below 1 V voltage 

supply. 
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Figure 3.20 Simulated (solid line) and measured (symbols) CG and NF 

vs. RF frequency with VDD as parameter increasing from 1 V 

to 1.5 V. 

 

Figure 3.21 depicts the measured voltage conversion gain and the noise fig-

ure over the input RF frequencies, where the IF of the mixer is 500 MHz. 

The broadband mixer shows a conversion gain of approximately 9 dB with 

less than 1 dB variation for the RF bandwidth. 
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Figure 3.21 Simulated (solid line) and measured (symbols) CG and NF 

vs. RF frequency at VDD = 1.2 V. 
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The gain maximum is achieved between 5.3 GHz and 5.5 GHz correspond-

ing to the resonance frequency between the DC feed inductors and parasitic 

capacitances at the source of the switching transistors. 

The single side band noise figure was measured at the single IF frequency of 

500 MHz. The minimum value of 11 dB was achieved for 5.5 GHz RF fre-

quency. This can be also considered as a consequence of the resonance be-

tween the DC feeds and the source parasitic capacitors of the switching 

quad. As already mentioned, these capacitors, when resonating, do not shunt 

the RF current which immediately improves the conversion efficiency and 

achieves a higher signal to noise ratio. This is clearly demonstrated in the 

figure for both values: conversion gain and noise figure. Compared to the 

current bleeding technique, there is almost no current partition as in (3-19), 

since the finite impedance of a current source is not present in this topology. 

If the DC feed resonance has a high Q factor, almost no currant partition can 

be observed. This is also one great advantage and improvement of the 

folded architecture compared to the current bleeding one. 

As already mentioned, this first circuit was matched both at the input as well 

as at the output to 50 Ω. A large broad band output matching was achieved, 

not shown in this work, my means of output buffers. 

The input matching is shown in Figure 3.22: a broadband characteristic is 

demonstrated with an input return loss better than – 8 dB from 5 to 6 GHz. 
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Figure 3.22 Input matching S11. 

 

The power consumption of the mixer core is 4.2 mW (the output buffers 

were not considered, since their large power consumption is caused by the 
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matching to 50 Ω, which is not relevant for future integration). Measured 

input 1 dB compression point and input third order interception point (IIP3) 

are - 6 dBm and +2 dBm, respectively. This performance was demonstrated 

with VLO = 0.5 V approximately. The linearity of the mixer can be improved 

as well with a larger LO swing as shown in Figure 3.23. 
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Figure 3.23 Sim. and meas. IIP3 vs. LO amplitude. 

 

The measurement results presented until now show the suitability of the 

folded mixer architecture for low voltage supply applications. The mixer 

achieves a voltage conversion gain of 9 dB, 11 dB noise figure and an IIP3 

of + 2 dBm. These results were demonstrated under very low power con-

sumption, only 4.2 mW for the mixer core. Discrepancies between meas-

urements and simulations were observed and analyzed. The importance of 

on chip and on board filtering was evidenced especially in terms of overall 

noise of the circuit. 

Table 3-4 summarizes all the experimental results that were presented. 

 

TABLE 3-4 MIXER PERFORMANCE SUMMARY: FOLDED-1 

Parameter Value 

CG 9 dB 

NF 11 dB 

S11 < − 8 dB 

IIP3 2 dBm 

PDC 4.2 mW 
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The redesign of this mixer was only possible with the 180 nm BiCMOS 

technology. The difficulties that arose during the first design and the addi-

tional complications caused by the technology change were anyway ex-

tremely significant for focusing our attention on the most relevant aspects of 

the circuit development. Mainly three big topics had to be kept in mind: the 

correct prediction of the parasitics and their effect on the overall perform-

ance can be only achieved by means of an EM-Schematic co-simulation; for 

a low IF architecture a common mode node (either a current tail or an LC 

tank) is mandatory in order to suppress all the common mode and common 

mode noise effects; the biasing of the circuit, especially of the switching 

quads, must be designed carefully considering the body effect in the transis-

tor and, therefore, the modulation of the threshold voltage. Additionally, 

several new design techniques were introduced in the physical layout in 

order to achieve the full physical symmetry in the circuit. The main idea is 

to let all the signal lines experience the same coupling and crossing with the 

other metal levels. This is shown more in detail further on in this chapter. 

As in the first design, the circuit was designed as a standalone, fully 50 Ω 

matched building block, but still placed on chip in order to be easily con-

nected with the differential LNA output with very short bonding wires. We 

referred to this circuit with Folded-2 in the introduction to this section. The 

main enhancements of this redesigned circuit can be seen in Figure 3.24. 
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Figure 3.24 Simplified schematic of the folded double-balanced

mixer core (Folded-2) 
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A current tail was added for biasing of the RF transconductors, adding at the 

same time a common mode node to the circuit; Wilson current mirrors were 

implemented with adjacent transistors in order to achieve a reliable biasing 

of the circuit; output capacitors were added in order to suppress higher har-

monics, thus further improve the LO to IF isolation, giving a sharper low-

pass characteristic to the mixer transfer function. 

Again, it is important to keep in mind the different biasing of the two main 

parts of the mixer: the RF part, namely the input transconductors (middle 

two transistors in Figure 3.24) need to be supplied with high current in order 

to achieve the optimum gain, noise figure and linearity. The input stage can 

be designed with the same criteria as for an LNA, which were already intro-

duced in the previous part: the equations (3-8), (3-9), (3-22) and (3-23). On 

the other hand, the optimum biasing for the LO switches (top four transis-

tors in Figure 3.24) is achieved when the overdrive voltage is zero 

(Vgs ≅ Vth). In this way, it is possible to minimize the DC current flowing 

through the switching quads, which improves the conversion efficiency, 

reduces the common mode signals, and minimizes the flicker noise contri-

bution (direct translation) of the LO transistors, as shown in [46], [47] and 

given by (3-15). A low DC current flowing through the switches allows us 

to choose larger load resistors, thus increasing the voltage conversion gain 

of the mixer. However, this choice is limited by the 1 dB compression point. 

The biasing of the switches near their threshold voltage has also the advan-

tage that the size of the LO transistors can be mainly chosen by considering 

their parasitic capacitances and noise contribution. From (3-15) is evident 

that the use of large transistors lowers the input referred flicker voltage 

noise (Vn) contribution, as also discussed in [48]. Nevertheless, it is easy to 

define theoretically the threshold voltage and to determine its value. In the 

real world this value is extremely uncertain and can be hardly held constant. 

One very common definition and its discussion are given in [49]. 

 

BSBBFBth VVV −++= φγφ 22  (3-24) 

 

Equation (3-24) is valid under the condition of strong inversion, where VFB 

is the flat band voltage, φ B is the bulk Fermi potential and VBS is the bulk 

source voltage. The definition is very useful for physical comprehension of 

the phenomenon, but not appropriated for design purposes. More realistic is 
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to bias the switches with a very low DC current by means of current mirrors. 

It was proved empirically that a current between 100 and 300 µA corre-

sponds to an overdrive voltage near to or slightly higher than 0 V. Generally 

in industrial applications the Constant Current method (CC) is used to de-

termine the value of the threshold voltage. This corresponds always to an 

arbitrary constant current which is equal to a technology dependant constant 

scaled by the ratio of the effective transistor width and length [50]. The 

7WL technology specifies for a P-MOS transistor a threshold voltage as a 

gate source bias voltage Vgs at which: 

 

eff

eff

ds
L

W
nAI ⋅= 70  (3-25) 

 

This value corresponds to approximately 120 µA, but it was decided to bias 

each single LO transistor with 250 µA in order to be more robust with re-

spect to process tolerances. No degrading effects were observed on simula-

tion level. 

In contrast to the design in [44] where an LC tank was implemented result-

ing in better IP3 performance, but requiring a larger chip area, we used an 

N-MOS current source achieving better common mode suppression and 

saving area. The channel length of the current source is twice the length of 

the RF and LO transistors in order to show a higher output impedance ro. 

We already implemented 6 inductors, which are the most bulky components 

in the circuit. Just like in the first design, the inductive degeneration pro-

vides both stability and a real part at the input of the gates. The input 50 Ω 

matching is provided by serial inductors connected to the gates of the tran-

sistors. 

As already mentioned, in further integration steps with other receiver com-

ponents these inductors will not be required, but they were necessary at the 

time for the individual characterisation of the circuit. For the same reason, 

we had to implement DC coupled output P-MOS buffers. Again, a large 

biasing current is needed to match the output impedance to 50 Ω increasing 

significantly the overall power consumption. 

The load of the mixer was chosen in order to achieve the targeted conver-

sion gain specified in 1.4, without affecting the overall linearity. The resis-

tors are shunted by capacitors, giving a pole in the mixer transfer functions 
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in order to suppress higher harmonics. The gate of the source followers is 

directly connected to the output, which is at a low DC potential. For this 

reason it was necessary to use P-MOS transistors, since the two parts of the 

circuit are DC coupled. 

The device dimensions are listed in TABLE 3-5. 

 

TABLE 3-5 DEVICE DIMENSIONS: FOLDED-2 

Device Dimension Units 

MRF width 210 µm 

MRF length 180 nm 

MLO width 180 µm 

MLO length 180 nm 

MCT width 420 µm 

MCT length 360 nm 

LG 1.28 nH 

LS 500 pH 

LDC 962 pH 

RL 500 Ω 

CPOLE 7 pF 

 

One of the main advantages of a double-balanced architecture is its high 

port-to-port isolation and high common mode suppression. However, these 

features can be seriously degraded if the physical layout is not symmetrical. 

This was already experienced with the first design. Therefore, an accurate 

and innovative layout design was necessary. Every physical asymmetry 

leads directly to performance degradation: it increases the noise and de-

grades linearity and isolation. The asymmetry is already a risk due to proc-

ess tolerances, which are unavoidable. 

After simulating the circuit on a schematic level and optimizing all the pa-

rameters of the individual components, special care was taken during the 

layout design. Figure 3.25 shows an example of layout techniques that were 

employed in order to achieve physical symmetry in the circuit. 

“Dummy” lines were added in order to achieve the same parasitic effects for 

both RF paths caused by a superposition of metallic interconnections. Fur-

thermore all the interconnections were exported to Momentum for EM 

simulations. In our opinion and experience, this is absolutely necessary 
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since the standard parasitic extraction tools give too optimistic results. The 

results that follow confirm our statements. 
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Figure 3.25 Example of layout techniques. 

 

The dimension of the die without pads is 890 x 740 µm². Figure 3.26 shows 

the die micrograph, where high layout symmetry can be observed. 

 

 

Figure 3.26 Folded-2: die micrograph. 

 

The measurement setup is almost the same as described for previous circuit. 

All measurements were performed directly on-wafer for several chips. 180° 

hybrid combiners/dividers were used at coaxial level providing the differen-

tial signals and the Agilent E4440A spectrum analyzer as receiver for signal 

and noise measurements. 

Figure 3.27 and Figure 3.28 depict the relationship between power conver-

sion gain - CG (the output is matched to 50 Ω), noise figure - NF, third or-

der input interception point - IIP3 and local oscillator - LO power. 
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The mixer was optimized for a – 4 dBm LO power, as specified by the posi-

tioning system. However, it still achieves excellent performances also at 

lower power levels offering more tolerance to the system. The minimum 

noise and maximum power conversion gain are demonstrated at – 5 dBm, 

while the best linearity performance is achieved at – 6 dBm LO power. 
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Figure 3.27 NF and power CG vs. PLO @ fIF = 3 MHz, fLO = 5.8 GHz. 
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Figure 3.28 Measured IIP3 vs. PLO @  fIF = 3 MHz and fLO = 5.8 GHz. 

 

Finally, the mixer was measured for the whole IF band with respect to con-

version gain and noise figure. This measurement were performed at three 

different LO frequencies (5.725, 5.8 and 5.875 GHz) in order to test the cir-

cuit over the whole ISM RF bandwidth. As shown in Figure 3.29, the noise 

figure is less than 10 dB also for very low frequencies which is an excellent 

result, demonstrating successfully the theory of the direct and indirect 

flicker noise translation suppression. The power conversion gain is very flat 
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over the IF bandwidth and is approximately 11.5 dB. On the other hand, 

Figure 3.30 depicts these two parameters in relationship to the input RF fre-

quency: less than 1 dB ripple can be observed both for the CG and NF. 
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Figure 3.29 NF and power CG vs. IF frequency @ PLO = – 5 dBm, 

fLO = 5.8 GHz. 
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 Figure 3.30 NF and power CG vs. RF frequency @ PLO = – 5 dBm, 

fIF = 3 MHz. 

 

The overall power consumption is 30 mW, but the mixer core shows a 

power consumption of only 18 mW, which is definitely suitable for wireless 

communication systems. Very high port-to-port isolation was observed as 

well: an LO-IF isolation better than 50 dB and an LO-RF isolation better 

than 40 dB were demonstrated. 

Once again we have to keep in mind that the output buffers cause a voltage 

loss of approximately 5 to 6 dB in order to achieve an acceptable matching 

to 50 Ω. By reducing the bias current in the buffers in order to drive a high 
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impedance load (as it would be the case with an operational amplifier or a 

variable gain amplifier) this voltage loss is also minimized and a very high 

voltage conversion gain of 17 dB was demonstrated. 

A maximum IIP3 of – 6 dBm and a minimum noise figure of 8.5 dB con-

suming only 18 mW (mixer core) are demonstrated, which is an excellent 

result compared to the other works, making this mixer architecture one of 

the most suitable for modern wireless communication systems. This is also, 

to the best knowledge of the author, one of the lowest noise figures ever 

reported for an active mixer in 0.18 µm technology and at these frequencies. 

In this circuit redesign it was finally possible to demonstrate the several 

theoretical aspects that were introduced till now in the pervious chapters. 

The design flexibility and the strong advantages of the folded mixer topol-

ogy were again analyzed and confirmed by experimental results showing an 

excellent performance. The mitigation of the flicker noise contribution in 

the switching quads was successfully carried out. The importance of a reli-

able biasing, common mode suppression and layout symmetry were strongly 

addressed and implemented in this design, leading to significant improve-

ments and performance enhancement compared to the previous design. With 

this acquired and demonstrated knowledge, the doors for the integration of 

this building block within a complex receiver structure were opened. 

TABLE 3-6 summarizes all the experimental results that were presented. 

 

TABLE 3-6 MIXER PERFORMANCE SUMMARY: FOLDED-2 

Parameter Value 

CG 17 dB 

NF 8.5 dB 

IIP3 – 6 dBm 

PDC 18 mW 

 

3.3 Low IF receiver 

 

The last part of the chapter Circuit Design concerns the integration steps and 

the final implementation of the several building blocks in form of fully inte-

grated receivers. As already mentioned, starting from standalone circuits we 

integrated step by step the several building blocks, first as hybrid receivers 
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by means of short bonding wires, then as monolithically integrated circuits. 

All of the following circuits were implemented in 180 nm BiCMOS tech-

nology. However for the first Receiver, Receiver-1, the implemented mixer 

has the same characteristics as Folded-1. Receiver-1 was not tested as a 

fully integrated circuit; the integration was performed by means of short 

bonding wires between the output of the LNA and the input of the mixer. 

Therefore we called this receiver hybrid. The modest results of this hybrid 

circuit were mainly due to the poor performance of the LNA and high mixer 

noise contribution. 

Following this, Receiver-2 was also implemented as a hybrid circuit with 

the same procedure. Folded-2 was cascaded to a bipolar LNA with on-chip 

balun for single to differential conversion achieving excellent results except 

from the linearity. 

Encouraged by these good results, Receiver-3 was designed as the first fully 

integrated circuit consisting of a bipolar LNA and a slightly modified 

Folded-2 mixer. Great performance is reported for this circuit that improved 

the achievements of Receiver-2 also in terms of linearity. However this was 

the last integrated circuit implemented with a folded architecture, since at 

this point it was necessary to move from 1.8 V to 2.5 V supply for all the 

front-end circuits. New mixer architectures were integrated directly with the 

other building block without any standalone characterisation. 

For Receiver-4 a modified Gilbert cell mixer with a resonating inductor and 

an LC tank was implemented. A CMOS LNA with on chip balun feeding a 

differential signal to the mixer is presented as well. This integrated circuit 

fulfilled all the main requirements for RESOLUTION receiver. However a 

higher flicker noise contribution can be observed compared to Receiver-2 or 

Reveicer-3. 

Finally in Receiver-5 the current bleeding technique was implemented in 

order to mitigate the flicker noise contribution at lower frequencies and the 

variable gain amplifier was integrated for the first time as well. Excellent 

results are reported for this fully integrated CMOS receiver, but at the same 

time we can observe noise performance inferior to one shown by the receiv-

ers that included Folded-2 mixer. This ultimately demonstrates the theoreti-

cal analysis of the noise contributors for active mixers, showing the signifi-

cant improvements given by the folded architecture. 
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3.3.1 Receiver-1: hybrid differential CMOS LNA and mixer 

 

The technology change was at the same time necessary, but also a big time 

delay, thus a strategic choice was taken to allow our team both the charac-

terisation of the individual circuits as well as their integration. In this par-

ticular case the two main building blocks were designed separately: the 

LNA, designed by my colleague Viswanathan Subramanian, and the mixer, 

designed by myself. However their physical layout disposition was chosen 

in a way that the LNA output could be connected with the mixer input by 

means of very short bonding wires. This can be easily seen in the die micro-

graph shown in Figure 3.34. 

Therefore, the LNA and the mixer were designed separately and matched to 

50 Ω both at the input and at the output. This was done in order to measure 

both the single components as well as the whole receiver without making 

any modifications. The use of network and spectrum analyzers and Y-factor 

NF measurement method makes a 50 Ω matching mandatory. Actually, the 

output matching is not necessary for the noise measurements, but then a 

buffer amplifier is required, which makes the calibration and the measure-

ment setup more complicated. Apart from that, a full 50 Ω matching was 

also very useful for the interstage matching between the two circuits: no 

buffering is required between the LNA and the mixer. 

Outgoing from the specified low IF receiver topology, differential receiver 

architecture is mandatory, especially in the frequency conversion and in the 

IF part of the front-end. These topics were already analysed in 3.2. How-

ever, one extremely important aspect is the single to differential conversion, 

that has to be performed somewhere in the receiver chain. Several solutions 

can be considered: an off chip balun can be implemented between the an-

tenna and the LNA; an integrated balun can follow the LNA and deliver the 

differential signal to the mixer; a single balanced mixer can be implemented 

for downconversion and single to differential conversion as well. 

Figure 3.31 represents symbolically the three proposed architectures under 

a, b and c, respectively. 

The last solution can be immediately discarded due to the drawbacks of this 

mixer topology that were already presented in 3.2 for a low IF receiver ar-

chitecture. For LNA followed by an active balun solution, instead of a pas-

sive balun between the low noise amplifier and the mixer, increase in noise 

figure can be avoided, caused by the loss of input passive balun after the 
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antenna. Though the LNA with single to differential converter showed good 

simulation results with respect to several parameters, due to the fact that the 

process variations may strongly influence the balancing parameters particu-

larly the phase, stand alone differential architecture was found to have a 

better trade-off for the first receiver demonstration. For our design this im-

plied to sacrifice the overall noise figure for the sake of a robust design. We 

will see that only the time constraints led us to this solution for this first 

receiver that achieved modest results. Only the redesign will allow us to 

implement the complete design procedure, mainly the EM-Schematic co-

simulation, and achieve excellent results. 
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Figure 3.31 Simplified schematics of the single to differential conver-

sion in a receiver chain: three topologies. 

 

The LNA differential architecture was designed by combining two symmet-

rical cascode stages [51] with output buffers. Figure 3.32 shows the simpli-

fied schematic of this architecture. 

In TABLE 3-7 the device dimensions for the implemented differential LNA 

are listed. The input, output and interstage capacitors are part of the input, 

output and interstage matching respectively as well as DC blocks for sepa-

rated biasing of the two parts of the circuit. The input matching is achieved 

by the source and gate inductors resonating with gate-source and pad para-
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sitic capacitances. Buffers in form of source followers were used for the 

output matching. The biasing of both the LNA and buffer circuits was im-

plemented by using current mirrors that are not shown in the schematic for 

simplicity reasons. 
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Figure 3.32 Simplified schematic of the differential LNA. 

 

TABLE 3-7 DEVICE DIMENSIONS 

Device Dimension Units 

MRF width 210 µm 

MRF length 180 nm 

MCAS width 210 µm 

MCAS length 180 nm 

Cin 4 pF 

LG 2 nH 

LS 200 pH 

LD 2.03 nH 

Cinter 540 fF 

Cout 3.5 pF 

MBUFF width 240 µm 

MBUFF length 320 nm 

LBuff 4.15 nH 

 

Compared to the transistors implemented in the LNA core, due to the single 

transistor configuration of the source follower, transistor with higher break-

down voltage, thus with a larger channel length, were chosen for the buffers 

and its corresponding biasing circuit. The output buffers consist of a well 
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known source follower and an inductor instead of a current tail transistor in 

order to maximize both the linearity and the output matching of the ampli-

fier. Since the stages are symmetrical the balancing depends purely on the 

layout symmetry and not on issues like process variations as in the case of 

baluns, even if there are some variations the errors are still relative as long 

as the transistors are physically close enough on chip. 

Figure 3.33 shows the architecture of the differential mixer. A folded, dou-

ble-balanced architecture was implemented. Approximately the same archi-

tecture implemented with Folded-1 and described in 3.2.3 was also chosen 

for this design with all the advantages given by the folded topology, but 

without the important enhancements that were shown for Folded-2. 
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Figure 3.33 Simplified schematic of the folded differential mixer. 

 

The switches were realized by means of P-MOS transistors, which show 

generally better performance in low frequency noise and this is critical for 

low IF receivers. We have to keep in mind that the IF frequency shifted 

from 500 MHz to 2 MHz central frequency with the newly defined receiver 

specifications, which is a dramatic difference and the flicker noise, intro-

duced in 3.2.2 has a tremendous influence on the overall noise figure at such 

low frequencies. Like for the low noise amplifier, gate and source inductors 

have been used in order to achieve 50 Ω input matching, whereas the source 

inductor improves the linearity as well ideally without worsening the gain 

and noise performance. The effects of the loss affected spirals were ob-

served already on a simulation level and a trade off was necessary between 

the matching and linearity on one side and gain and noise figure on the 
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other. The DC feeds were designed to resonate with the parasitic capacitan-

ces at the source of the LO switching quads improving conversion effi-

ciency and noise figure. Again, a more detailed analysis of this part was 

given in 3.2.3. The device dimensions for the implemented folded mixer are 

listed in TABLE 3-8. 

 

TABLE 3-8 DEVICE DIMENSIONS 

Device Dimension Units 

MRF width 210 µm 

MRF length 180 nm 

MLO width 100 µm 

MLO length 180 nm 

LG 1.35 nH 

LS 910 pH 

LDC 1.74 nH 

RL 500 Ω 

MBUFF width 400 µm 

MBUFF length 670 nm 

MCM width 600 µm 

MCM length 400 nm 

 

Another difference compared to the first design is that the output buffers are 

DC coupled: no on chip DC decoupling by means of integrated capacitors is 

possible due to very low IF frequency. P-MOS source followers are imple-

mented at the output, since the DC output voltage is very low: the DC cur-

rent flowing through the switches causes a very low voltage drop on the 

load resistors that is not able to drive an N-MOS transistor. This is actually 

an advantage, since this part of the circuit is extremely affected by the 

flicker noise, and, as already mentioned, P-MOS transistors have a lower 

contribution and therefore are anyway preferred as on chip buffers. The out-

put matching is also designed to match a 50 Ω load. The output matching to 

50 Ω causes a voltage loss of approximately 5 to 6 dB and quite high power 

consumption, but this is not significant since these buffers will be driving a 

high impedance input of a variable gain amplifier, once a higher level of 

integration is reached. This implies that a significantly lower DC current 

will be required, since no matching to 50 Ω will be necessary, and ideally no 
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voltage loss should be observed. This topic will be addressed in 3.3.4. As 

for the low noise amplifier, the layout symmetry was one of the most impor-

tant aspects in the design in order to gain advantage of a fully differential 

topology. For this design no EM-Schematic co-simulation was performed: 

the designers made use of standard parasitic extraction tools. Nevertheless, 

this caused several difficulties and did not predict the results properly as 

shown and discussed further on. Figure 3.34 shows the die photograph. As it 

can be seen, the layout was designed in a way that allows us to easily cas-

cade the two circuits realizing a receiver prototype. 

 

 

Figure 3.34 Receiver-1: die micrograph. 

 

The distance between the LNA output pads and the mixer input pads was 

kept as low as allowed by the technology constraints in order to use very 

short bonding wires for connecting the two receiver building blocks. The 

two circuits can be clearly seen in this figure: the LNA on the left and the 

mixer on the right. At the top of the die some test structures can be ob-

served, which were used to verify the models and more in general the simu-

lation results both for active as well as for passive components. The DC 

voltage from 1.8 to 2.5 V was applied, but only with the latter one signifi-

cant results were achieved, mainly due to some biasing problems of the 

LNA. Measurement setup comprised Agilent HP 83650A signal generators 

for RF and LO signals. 180° hybrid couplers were used for unbalanced to 

balanced signal conversion and vice versa. Agilent E4440A PSA was used 

for NF and two tone measurements. A Rogers PCB, reinforced by a FR4 

layer, was used for board fabrication. Several blocking capacitors were 

mounted as well in order to avoid stability problems and noise contribution 
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from the supply lines. An overall DC current consumption of 35 mA was 

observed. The power conversion gain and noise figure were measured with 

respect to the IF band for 5.8 GHz LO frequency. The results are shown in 

Figure 3.35. The measurements were performed with – 5 dBm LO power at 

the switching quad gates. Figure 3.36 depicts the relationship between these 

to parameters and the input RF frequency. 
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Figure 3.35 NF and power CG vs. IF frequency @ PLO = – 5 dBm, 

fLO = 5.8 GHz. 
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Figure 3.36 NF and power CG vs. RF frequency @ PLO = – 5 dBm, 

fIF = 3 MHz. 

 

The measurements show that there is almost no variation in CG and NF fig-

ure depending on the RF frequency. Still, a huge discrepancy was observed 

already for the biasing between the simulated and the measured results for 

the individual circuits (the wirebonded receiver was not simulated for its 
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self). First of all, the current mirroring did not succeed completely due to 

body effects that were not included on simulation level and led to wrong 

relationship between current and voltages in the biasing transistors. Sec-

ondly, the parasitic extraction tool predicted optimistically the capacitive 

and resistive effects in the layout and completely neglected the inductive 

ones. Finally, for the very low output frequencies, the common mode sup-

pression is essential and both the mixer and the LNA have no common 

mode reference for the two paths of the differential signal, which could have 

been a current source or an LC tank. 

The relationship between the power CG and the noise figure and the 

LO power as the variable parameter was tested as well. The receiver was 

designed for an optimum LO power of – 3 dBm. As shown in Figure 3.37 

the receiver achieves the best performance at a lower LO power level, ap-

proximately – 5 dBm. This is due to a shift in the biasing of the LO switches 

as well: the overdrive voltage is slightly higher than the threshold voltage, 

thus requiring less driving power. If the LO power is too high, the switches 

leave the saturation region worsening the conversion efficiency and linear-

ity. 
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Figure 3.37 CG and NF  vs. LO power with RF @ 5.8 GHz and IF @ 

5 MHz. 
 

This was the first prototype of a CMOS receiver developed and evaluated 

by our team for FMCW radar applications at 5.8 GHz. The IF part was not 

still developed, but the first step towards integration was done, implemented 

on PCB and tested with respect to noise, conversion gain and linearity. The 

voltage conversion gain was de-embedded from the voltage loss of the out-
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put buffers. The integration itself was actually a success, but deign problems 

were encountered and analyzed for the next redesign. The main difficulties 

that emerged in this design were the prediction of the layout parasitics, a 

reliable biasing and the need for high common mode suppression for the 

implemented circuits. These aspects were successfully overwhelmed for the 

single mixer as already shown. The next step was to the same for an inte-

grated receiver. 

Anyway, the receiver showed a maximum voltage CG of 18.5 dB (13.5 dB 

for power CG), a noise figure of 6 dB, an input P1dB and IP3 of – 18 dBm 

and – 11.5 dBm respectively, an input matching better than 7 dB and a core 

power consumption of 87.5 mW. The power consumption was much higher 

than expected, mainly due to the voltage supply, which was set to 2.5 V 

during the measurements: the current flowing through the circuit was dra-

matically higher, thus the power consumption as well. 

Table 3-9 summarizes all the experimental results that were presented. 

 

TABLE 3-9 RECEIVER-1 PERFORMANCE SUMMARY 

Parameter Value 

CG 18.5 dB 

NF 6 dB 

S11 < – 7 dB 

IIP3 – 11.5 dBm 

PDC 87.5 mW 

 

3.3.2 Receiver-2: hybrid BiCMOS LNA and mixer with on-chip sin-

gle to differential conversion 

 

In Figure 3.31 three possible solutions for single to differential conversion 

were presented and in the first receiver implementation the decision was 

taken not to implement an on chip active balun because of the process toler-

ances and at the same time avoid losses by implementing on chip passive 

baluns. This last idea became attractive after successful EM analysis of the 

passive interconnections in the redesign of the circuit and with a deeper in-

sight in the BiCMOS 180 nm technology that was acquired in the meantime 

and demonstrated with the mixer performance shown in TABLE 3-6. It is 
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evident that a passive on chip balun with extremely low ohmic losses would 

be the ideal solution for the receiver specifications if implemented between 

the LNA and the mixer: a single ended LNA connected to a single ended 

antenna would avoid losses at the beginning of the receiver chain and thus 

the overall noise figure would be depending mostly on the low noise ampli-

fier itself, being the very first building block of the receiver. 

Another novelty in this design is that the implemented LNA was designed 

with bipolar transistors. This was a strategic choice mainly motivated by the 

very low noise figure that had to be achieved. The bipolar transistors have 

much more reliable noise models and the consistency between the simulated 

and the measured results in the transistor test structures suggested this strat-

egy. The LNA and balun design was performed by my colleague Viswana-

than Subramanian and I will here report just the essential steps of his part of 

the work in order to justify the experimental results. For a deeper analysis 

and design procedure description of the first building block of our receiver 

one should refer to my colleague’s numerous publications, which are any-

how listed within the references. 

Figure 3.38 shows the block diagram of the implemented receiver. The three 

fundamental blocks making the receiver at that moment were the LNA, the 

transformer based single to differential converter and the double-balanced 

folded mixer. However, in the receiver implementation the LNA and the 

balun were integrated on one chip and wire bonded with the mixer, as it was 

already successfully done in the first receiver demonstration. 
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Figure 3.38 Receiver-2 block diagram. 

 

Figure 3.39 shows the simplified schematic of the LNA. It is a two stage 

bipolar circuit with transistors Q1 and Q2 in common emitter configuration. 

Starting from the transistor level scaling up to the two stage integration a 

systematic approach on the LNA design was carried out. The idea of using a 

two stage amplifier was motivated by the possibility to optimize the first 

stage for noise and the second one for gain and linearity on expenses of 
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slightly higher power consumption. Moreover, a two stage amplifier offers a 

much higher reverse isolation. 
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Figure 3.39 Simplified schematic of the LNA. 

 

The first thing to keep in mind is that the input impedance of a bipolar tran-

sistor is not a high impedance oxide as in the MOS case. With a careful 

transistor size optimization the optimum input impedance (Zopt) for noise 

matching is kept very close to the 50 Ω source impedance with a low value 

of optimum reactance (Xopt). The same procedure of impedance optimiza-

tion along with the bias current is applied for the second stage design but 

with different target parameters like gain and linearity. Following these op-

timization steps for the transistor dimensions and biasing it was possible to 

achieve an extremely simplified input and interstage matching without any 

serial inductors. This is especially important for the first stage, since the 

reduction of the losses caused by the on-chip passive networks improves 

proportionally the LNA noise performance, but reduces also generally the 

chip area without degrading the matching characteristics. Current mirrors, 

with high tolerance resistors as current references, are used to bias both am-

plifier stages. For further details concerning the LNA design and parameter 

optimization please refer to [52]. Actually the LNA implemented in this 

receiver is just a modified version of the one presented in [52] with output 

circuit redesign for transformer integration and performance optimization. 

The RF signal from single ended output of the LNA is fed to the differential 

input of the mixer through a transformer based single to differential con-

verter [53]. An overlay transformer balun based on stacked conductor layers 

is implemented. Top metal MA and second metal layer E1 in Figure 2.5 

were used as primary and secondary windings for the transformer balun. 

These Finlay type windings use both edge and broadside magnetic coupling 
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resulting in a reduced physical chip area [53]. As already mentioned, the 

implementation of the balun would have been impossible without accurate 

and reliable electromagnetic simulations. The description of these proce-

dures can be found in [54]. For the EM modelled balun, performance pa-

rameters like coupling factor, serial resistance, transmission loss, gain and 

phase error are calculated and optimized according to [55] and [56]. Shunt 

capacitors connected to the single primary and two secondary windings of 

the transformer are used to achieve the required impedance for the LNA. By 

means of that a negligible imbalance in phase and gain is achieved with a 

transmission loss around 3 dB over the whole operating frequency range. 

Figure 3.40 and Figure 3.41 show the functional equivalent circuit and its 

EM modelled layout for the transformer balun. The implemented Finlay 

type balun has four turns in both the primary (LP in Figure 3.40) and secon-

dary (LS in Figure 3.40) with 6 µm conductor width and 5 µm spacing be-

tween the turns. 
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Figure 3.40 Functional equivalent circuit of the balun. 

 

Figure 3.41 EM modelled layout of the transformer balun. 

 

In TABLE 3-10 the device dimensions for the implemented bipolar two stage 

LNA are listed. 
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TABLE 3-10 DEVICE DIMENSIONS 

Device Dimension Units 

Q1 e-length 7.5 µm 

Q1 multiplicity 8  

Q2 e-length 3 µm 

Q2 multiplicity 14  

LE1 402 pH 

LE2 125 pH 

Lload 2 nH 

LRES 1 nH 

Cin 4 pF 

Cint 350 fF 

Cout 700 fF 

CRES 350 fF 

Rload 25 Ω 

 

The implemented downconversion mixer was already presented in 3.2.3, 

Figure 3.24. For all the details the reader should refer to the design analysis 

and procedure for this circuit as well. 

Figure 3.42 presents the photograph of the receiver RF board. Rogers PCB, 

reinforced by a FR4 layer, was used for this purpose. Several blocking ca-

pacitors were mounted as well in order to avoid stability problems and filter 

out the noise from the power supply. 

 

 

Figure 3.42 Receiver-2: PCB photograph. 
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As shown in the figure, to the left of the board is the single ended RF input 

and to the right is the differential IF output of the receiver. The top connec-

tors are used for the power supply to the circuit, while the bottom symmetri-

cal lines lead the LO signal to the mixer. The board design was performed 

using Agilent ADS Momentum. As shown in the figure, during the board 

design maximum care was taken to maintain perfect layout symmetry with 

tapered edges, particularly for the high frequency signal lines. 

Figure 3.43 to Figure 3.46 show the measurement results for this integrated 

receiver. The measurements were performed with 1.8 V supply voltage: the 

total current drawn from the integrated circuit was 28 mA. Figure 3.43 pre-

sents the power conversion gain and the noise figure of the circuit with re-

spect to the LO power at transistor gates. 
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Figure 3.43 NF and power CG vs. PLO at 5.8 GHz RF and 5 MHz IF. 

 

In this setup the RF signal was set at 5.8 GHz, which is the centre frequency 

of our operating band and the IF at 5 MHz, thus the LO frequency was set 

accordingly. The figure shows clearly a linear increment of the conversion 

gain with the level of LO signal and the maximum is reached at – 6 dBm 

LO power. Above – 6 dBm the gain starts decreasing. The achieved maxi-

mum is a power conversion gain of 28 dB. The noise figure variation of the 

receiver with respect to LO power is relatively low due to the high gain and 

low noise figure of the LNA. 

Figure 3.44 presents the gain and noise performance of the receiver PCB 

with respect to the IF frequency. An increment in the noise figure can be 

observed with decreasing IF frequency: this is the contribution of the mixer 

flicker noise. Nevertheless the overall noise figure is better than 4 dB even 
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at 500 kHz. Figure 3.45 shows the CG and NF ripple in relation to the input 

RF frequency. Less 0.8 dB ripple can be observed over the whole band-

width. 
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Figure 3.44 NF and power CG vs. IF frequency. 
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Figure 3.45 NF and power CG vs. RF frequency. 

 

Figure 3.46 shows the linearity performance while measuring the 1dB com-

pression point (IP1dB). As shown, the measured IP1dB value is – 30 dBm at 

5.8 GHz RF and 5 MHz IF. At the same settings, the measured IIP3 value is 

– 24 dBm. Regarding the small signal performances, the measured input and 

output matching values of the receiver are better than 10 dB for the whole 

RF and IF operating bands. 

TABLE 3-11 summarizes all the experimental results that were presented. 

The voltage conversion gain is given instead of the power gain to 50 Ω: the 

value was derived, as for 3.2.3, by reducing the bias current in the buffers in 
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order to drive a high impedance, knowing that the 50 Ω matching causes 

approximately 5 to 6 dB voltage loss. 

 

-50 -45 -40 -35 -30 -25 -20
-30

-25

-20

-15

-10

-5

0

5

10

 

 

O
u

tp
u

t 
P

o
w

e
r 

[d
B

m
]

Input Power [dBm]
 

Figure 3.46 Measured receiver IP1dB at 5.8 GHz RF and 5 MHz IF. 

 

TABLE 3-11 RECEIVER-2 PERFORMANCE SUMMARY 

Parameter Value 

CG 34 dB 

NF 2.3 dB 

IIP3 – 24 dBm 

PDC 50 mW 

 

At this point some important conclusions can be drawn. Firstly, a systematic 

method and a design strategy were defined that lead to a successful circuit 

development from the schematic level to the measured results. Excellent 

performance was reported for the individual circuit. The core of this strategy 

is a correct EM-Schematic co-simulation and the EM modelling of the vital 

passive elements such as the transformer balun. On receiver level, the circuit 

integration showed also excellent results: an extremely high voltage conver-

sion gain and a very low noise figure were demonstrated, but a poor linear-

ity was reported. The first two parameters already fulfilled the RESOLU-

TION specifications under very low power consumption. Thus, our attention 

had to focus on the linearity aspects of the receiver, but also on the full on 

chip integration of all the circuits. 
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3.3.3 Receiver-3: fully integrated BiCMOS LNA and mixer 

 

After successfully characterizing the three building blocks of the receiver 

and the integration of the LNA and mixer by means of short bonding wires, 

it was necessary to make a step further and design the first integrated circuit 

consisting of the first two building blocks. The dilemma of the single to 

differential conversion was solved by connecting the single ended LNA 

output to one mixer input while grounding the other one. Thus, the mixer 

was used for generating the differential signal. We showed already that the 

balun measurements and its integration were successful, but still it was not 

included in this design in order to reduce the risk factors in the first full cir-

cuit integration. Figure 3.47 shows the simplified schematic of the imple-

mented receiver. The two circuits are fully integrated on one chip and de-

signed for 1.8 V power supply. The decision of shifting the supply from 

1.8 V to 2.5 V was taken immediately after this design was successfully 

submitted for fabrication. As it can be seen in Figure 3.47, the single to dif-

ferential conversion was achieved by AC grounding one mixer input and 

connecting the other with the LNA output. 
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Figure 3.47 Simplified schematic of Receiver-3. 

 

For the design technique and topology characteristics one should refer to 

3.3.2: only some fine tuning was carried out in the single building blocks. In 

the following tables the modified components are listed, for the unchanged 

one please refer to TABLE 3-5 and TABLE 3-10. 
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Compared to the LNA design in the Figure 3.39, only the loading resistor is 

missing in this design. The value of the loading inductor was modified in 

order to avoid the implementation of this resistance. The modified values 

are shown in TABLE 3-12. 

 

TABLE 3-12 LNA DEVICE DIMENSIONS 

Device Dimension Units 

Lload 3 nH 

Cout 370 fF 

 

The mixer experienced deeper changes, especially concerning the chip area. 

As it can be observed, compared to Figure 3.24, only the DC feed inductors 

are present in the circuit. This is a dramatic improvement from a number of 

6 to only 2 inductors. Additionally, small degeneration resistors were added 

to improve linearity without affecting significantly the overall noise of the 

circuit. The modified values are shown in TABLE 3-13. 

 

TABLE 3-13 MIXER DEVICE DIMENSIONS 

Device Dimension Units 

RL 600 Ω 

RDEG 28 Ω 

 

Even if not shown in the figure, P-MOS output buffers are included in the 

circuit for mixer output matching to 50 Ω. This must be kept in mind when 

calculating the voltage gain of the receiver starting from the power gain. 

Since the output buffers were never modified, the value of approximately 5 

to 6 dB can be used also for this circuit. 

Figure 3.48 presents the photograph of the receiver die. This was mounted 

and bonded on a Rogers PCB. Several blocking capacitors were added as 

well to avoid stability problems and filter the noise from the supply lines. 

As shown in the figure, to the left of the die is the single ended RF input and 

to the right is the differential IF output of the receiver. The active chip area 

is approximately 0.81 mm², which is an impressively small form factor. 

180° hybrid combiners/dividers were used at coaxial level for differential 

output signals and the Agilent E4440A spectrum analyzer as receiver for 

gain and noise measurements using Y-factor method. 
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Figure 3.48 Receiver-3: die micrograph 

 

As shown in Figure 3.49 the conversion gain increases linearly for low level 

LO signals and reaches the maximum at – 5 dBm of LO power direct on the 

transistors gate and above – 5 dBm the gain starts decreasing. 
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Figure 3.49 NF and power CG vs. PLO at 5.8 GHz RF and 5 MHz IF. 

 

A power conversion gain maximum of 22.5 dB is achieved for – 5 dBm of 

LO power. The noise figure variation of the receiver with respect to the LO 

power is relatively low due to the high gain and low noise figure of the LNA 

as it was already the case in the previous hybrid receiver. 

As shown in Figure 3.50 a power CG of 22.5 dB and a NF of less than 

3.9 dB were observed for the whole IF operating band. Figure 3.51 depicts 

the usual relationship of these two parameters with the input RF frequency: 

also here no significant ripple can be observed. 
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Figure 3.50 Measured NF and power CG vs. IF with PLO = – 5 dBm, 

fLO = 5.8 GHz 
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Figure 3.51 Measured NF and power CG vs. RF with PLO = – 5 dBm, 

fIF = 5 MHz 

 

In terms of linearity a better performance can be reported than in the previ-

ous hybrid receiver: the 1 dB compression point is achieved for – 28 dBm of 

input power. The corresponding input IP3 is – 18 dBm. The linearity of the 

receiver was improved but is still not satisfying the system specifications. 

Nevertheless the receiver shows excellent performance in terms of gain and 

noise: 28 dB voltage gain (derived from the overall power CG) and 2.8 dB 

noise figure for an LO signal level of – 5 dBm are reported. These results 

were demonstrated under the power consumption of only 40 mW excluding 

the mixer output buffers. 
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Figure 3.52 Measured receiver IP1dB at 5.8 GHz RF and 5 MHz IF. 

 

TABLE 3-14 summarizes all the experimental results that were presented. 

 

TABLE 3-14 RECEIVER-3 PERFORMANCE SUMMARY 

Parameter Value 

CG 28 dB 

NF 2.8 dB 

IIP3 – 18 dBm 

PDC 40 mW 

 

Concluding, successful first on chip circuit integration was performed 

minimizing the risks by excluding any additional circuitry like baluns. The 

integrated receiver fulfilled our expectations in terms of conversion gain and 

noise figure, but on cost of overall linearity. Further improvements were 

necessary in this direction. Meanwhile, my colleague was successfully test-

ing equivalent CMOS LNAs that were mature for integration with the mixer 

satisfying the specifications as good as the bipolar LNAs presented until 

now. Everything was now ready for the final fully integrated only CMOS 

receiver. In the last part of this chapter, the integrated CMOS LNA and 

mixer are presented showing excellent linearity, gain and noise perform-

ance. Following this, a fully integrated receiver with all three building 

blocks will be presented concluding the part that concerns the circuit design. 
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3.3.4 Reciver-4: fully integrated CMOS LNA and Mixer with on chip 

single to differential conversion 

 

Being part of a larger concept, the receiver was integrated in several system 

demonstrators and tested together with other system blocks that were devel-

oped by our partners. Thus, the whole system was continuously revised, 

updated, re-specified. In the final part of the project, the strategic idea to 

move from a 1.8 V to 2.5 V supply was taken, which had the hardest conse-

quences on the mixer topology. It is clear that the folded topology is unsuit-

able for such high supply voltages with just having a look on the switching 

quads: the breakdown voltage of the 0.18 µm transistors is approximately 

2.0 V, thus a higher supply voltage is not applicable to them. Therefore we 

can mention two big novelties in this redesign: the CMOS LNA loaded by 

an on chip balun and a new mixer topology. 

As already mentioned, RESOLUTION positioning system has very chal-

lenging requirements in terms of noise (the overall NF is specified to be 

below 4 dB) and for this reason a single ended LNA loaded by an on-chip 

balun was implemented, followed by a double-balanced mixer. However we 

have shown in this work that several steps, tests and redesigns were done 

before implementing eventually this concept. The idea was already success-

fully tested giving excellent results as shown in 3.3.2. The challenge was 

now to design the receiver for 2.5 V supply voltage with the experience that 

was acquired until now. 

Figure 3.53 shows the simplified schematic of the LNA. 
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Figure 3.53 CMOS LNA with balun. 
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The amplifier consists again of two stages, both of them being cascode 

structures, in order to facilitate the noise and gain optimization on one hand 

and improve isolation on the other hand, as already demonstrated with pre-

vious bipolar circuits. However, the great innovation introduced to this cir-

cuit by my colleague Viswanathan Subramanian is to use the balun as in-

ductive loading for the second stage: the output load of the second stage is 

transformer based where the primary of the transformer is used as inductive 

load whose other end is RF grounded and connected to VDD. The secondary 

of the transformer feeds the differential RF input of the mixer. 

TABLE 3-15 shows the dimensions of the innovative CMOS LNA 

 

TABLE 3-15 DEVICE DIMENSIONS 

Device Dimension Units 

Mnmos width 136 µm 

Mnmos length 180 nm 

L1 1.64 nH 

Lg 2.76 nH 

Ls 409 pH 

C1 437 fF 

C2 128 fF 

 

By means of this, a highly integrated and innovative LNA and transformer 

based on chip balun were implemented. Very small degeneration inductors 

Ls1 and Ls2 are based on high Q transmission line foundry models to mini-

mize the noise contributions. The complete receiver was simulated and mi-

nor optimization of the interstage matching network was carried out for 

achieving targeted linearity and frequency response. Both LNA stages are 

biased using N-MOS current mirrors (not shown in the figure). Also for this 

circuit readers interested for a more detailed analysis should refer to numer-

ous publications of my colleague. 

Figure 3.54 shows the simplified schematic of the mixer. As it can be ob-

served, it is a variation of a standard Gilbert cell. However in order to fulfil 

the specifications some new design techniques were adopted. 

Compared to the circuitry in Figure 3.1, a simpler common mode feedback 

was implemented, where P-MOS transistors were implemented as DC feeds, 

while the sensing resistors are used as load as well. The CMFB was not 
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avoidable since it was necessary to use P-MOS transistors to feed the cur-

rent in order to avoid a large voltage drop on the load resistors. Due to the 

process tolerances, the output DC voltage can be stable only with a common 

mode feedback [34]. 
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Figure 3.54 Simplified schematic of the mixer with CMFB. 

 

A current source is realized by means of an LC tank: this saves voltage 

headroom and does not affect dramatically the IP2 performance [44], [57]. 

Finally an inductor was placed between the source nodes of the LO 

switches. It was designed to resonate out the parasitic capacitances at these 

nodes, which improved dramatically the noise figure and the conversion 

gain. [7] offers an impressive systematic analysis and experimental demon-

stration of this phenomenon comparing the standard Gilbert cell mixer with 

the one including a resonating inductor and finally implementing current 

bleeding as well: the benefits of a resonating inductor can be clearly ob-

served. No output buffers were included in this design. According to the 

system specifications, it should be possible to connect the output of the 

mixer directly to the VGA in a higher step of integration. For this reason it 

was mandatory to implement a CMFB circuitry as well. Two output capaci-

tors are connected in parallel to the load resistors adding an additional pole 

to the mixer transfer function. This pole filters out higher unwanted fre-

quencies improving also the out-of-band third order intermodulation. 
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TABLE 3-16 DEVICE DIMENSIONS 

Device Dimension Units 

MRF width 700 µm 

MRF length 180 nm 

MLO width 310 µm 

MLO length 180 nm 

Mpmos width 140 µm 

Mpmos length 180 nm 

Lres 1 nH 

Ltank 207 pH 

Ctank 7 pF 

Cpole 30 pF 

Rload 100 Ω 

 

A design flow including 2.5 D EM simulation was followed in this case as 

well. After simulating the circuits on schematic level we designed the layout 

of the integrated receiver. All physical interconnections were exported and 

EM simulated. Afterwards, EM-Schematic co-simulations were performed. 

The prediction of the experimental results was the most promising up to 

now. Compared to the results demonstrated in [7], no current bleeding tech-

nique was implemented even though this could lead to better receiver per-

formance. The reason for this was to minimize the risks in the receiver de-

velopment, since no time was given for the single circuit characterisation 

like in the case of folded mixer architecture. The project was closing to its 

end and the circuits had to work for subsystem and system demonstrations. 

Figure 3.55 shows the micrograph of the die. The active area of the circuit is 

approximately 1.2 mm². 

The die was mounted on a Rogers 4003 substrate and wirebonded. The 

whole circuit draws 20 mA from a 2.5 V voltage supply, thus consuming 

50 mW. The noise figure was measured using the Y-Factor method with 

Agilent E4440A spectrum analyzer as receiver, as it was the case in the pre-

vious measurement setups. For voltage conversion gain and non linearity 

measurements LeCroy oscilloscope was used this time, since no 50 Ω output 

matching was implemented for this circuit. This was an important step to-

wards system integration that finally excluded the power hungry output 
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buffers: the circuit could be directly connected to the variable gain amplifier 

at the output. 

 

 

Figure 3.55 Receiver-4: die micrograph. 

 

A very narrowband input matching was designed and demonstrated experi-

mentally for the receiver as shown in Figure 3.56. 

 

3 4 5 6 7 8
-15

-10

-5

0

f [GHz]

S
1

1 [
d

B
]

 
 

 

Figure 3.56 Simulated (solid line) and measured (symbols) S11. 

 

As a first step, the performance of the receiver in terms of gain and noise 

figure was verified with respect to LO power. On a system level we expect 

power values between – 3 and – 6 dBm generated by the VCO. This was 

depending on the experimental results achieved by the colleagues develop-

ing this subsystem. As shown in Figure 3.57 a gain higher than 27 dB and a 

noise figure lower than 3.6 dB were demonstrated, which perfectly fulfils 

the RESOLUTION requirements. The LO power sweep was performed at 

5.8 GHz for the RF and 5 MHz for the IF frequency 
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Figure 3.57 Measured (symbols) and simulated (solid lines) CG and NF 

vs. PLO at 5.8 GHz RF and 5 MHz IF. 

 

Figure 3.58 and Figure 3.59 show the conversion gain and the noise figure 

with respect to the IF and RF band respectively. We can see that the flicker 

noise contribution is significantly higher for this mixer topology compared 

to the folded one, even though the receiver specifications are still fulfilled. 

No significant ripple over the RF band can be observed for NF and CG. 
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 Figure 3.58 Measured (symbols) and simulated (solid lines) CG and NF 

vs. IF at PLO = – 3 dBm, fLO = 5.81 GHz. 

 

Further measurements were performed to verify the linearity of the receiver. 

An excellent third order input interception point (IIP3) of – 11.5 dBm was 

observed, with an input P1dB of – 24 dBm and a second order input intercep-

tion point (IIP2) of approximately 20 dBm. These measurements finally 
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suited the last receiver specification that was not achieved until now: the 

high receiver linearity. The price for this was a slightly higher power con-

sumption and noise figure if we compare the results with the BiCMOS re-

ceiver shown previously. However, the achieved linearity is excellent while 

the conversion gain and noise figure performance is still well within the 

system specifications. By means of this all the challenging features concern-

ing the integrated low noise amplifier and mixer were achieved. 
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 Figure 3.59 Measured (symbols) and simulated (solid lines) CG and NF 

vs. RF at PLO = – 3 dBm, fIF = 5. MHz. 

 

TABLE 3-17 summarizes the achieved experimental results for this innova-

tive architecture. 

 

TABLE 3-17 RECEIVER-4 PERFORMANCE SUMMARY 

Parameter Value 

CG 28 dB 

NF 3.3 dB 

IIP3 – 11.5 dBm 

IIP2 20 dBm 

PDC 50 mW 

 

Considering this excellent receiver performance, it is evident how complex 

and structured the design of integrated CMOS circuits is. We started the 

project with a general study of the architectures for single building blocks, 

made first steps towards their integration and modified the designs in order 
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to fulfil the new system specifications and requirements. It was also neces-

sary to implement a complete new topology concerning the mixer. Finally 

with the results presented here we were able to put together all the experi-

ence and the knowledge acquired in the previous designs and realize an in-

tegrated circuit with features that enhance the state of the art and fulfil all 

the RESOLUTION specifications as well.  

 

3.3.5 Receiver-5: fully integrated CMOS receiver 

 

The final part of this chapter concerns the complete integration of the three 

building blocks that were presented until now: a low noise amplifier, a dou-

ble-balanced active mixer and a pseudo-differential variable gain amplifier. 

All the circuits are fabricated using only CMOS devices and during the de-

sign we systematically followed the steps of the design flow that was pre-

sented and verified by the previous circuits. 

For the LNA the same architecture was implemented as in Figure 3.53: two 

stage CMOS low noise amplifier loaded by a transformer based balun. 

Some small parameter optimization was performed and only the modified 

components are listed in the following TABLE 3-18. 

 

TABLE 3-18 LNA DEVICE DIMENSIONS 

Device Dimension Units 

L1 5 nH 

C1 1.2 pF 

C2 2 pF 

 

Again for more details on this part of the receiver the reader should refer to 

the publications of my colleague Viswanathan Subramanian. Otherwise than 

the LNA, a third mixer topology was implemented in this receiver as it can 

be seen in Figure 3.60. The mixer was redesigned once again in order to 

enhance the overall receiver performance in terms of flicker noise as well. 

After successfully implementing the modified Gilbert cell shown in 

Figure 3.54, a step further was done: current bleeding technique was intro-

duced in this circuit. By this, all of the three topologies that were presented 

in the previous chapters were actually implemented. 
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Figure 3.60 Simplified schematic of the mixer with current bleeding. 

 

Compared to the modified Gilbert cell circuit in Figure 3.54, the most im-

portant improvement consists in the P-MOS current source that injects DC 

current in the RF transconductors, thus bypassing the LO quads [58]. By 

means of this the switching behaviour of the LO transistors is optimized 

improving the conversion efficiency and reducing the direct flicker noise 

translation as already demonstrated in 3.2. At the same time one symmetri-

cal inductor with a central connection is used as DC feed, but has also other 

two effects: it resonates out the source parasitic capacitors of the LO transis-

tors reducing the indirect translation of the flicker noise to the output and 

lowers the contribution of the P-MOS current source in terms of thermal 

noise at the resonant frequency as demonstrated in [7]. The lower DC cur-

rent flowing through the LO switches has also a lower voltage drop on the 

load resistors that are not anymore implemented in common mode feedback 

configuration, avoiding to implement additional P-MOS transistors and at 

the same time giving enough voltage headroom to add an N-MOS current 

tail. This improved the common mode and common mode noise rejection 

compared to an LC tank and saved chip area. In this circuit only one spiral 

inductor was necessary for the complete design. This is, compared to the 

very first mixer circuits, a significant improvement in terms of chip area, 

hence fabrication costs. 

The device dimensions are shown in the following table. 
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TABLE 3-19 DEVICE DIMENSIONS 

Device Dimension Units 

MRF width 400 µm 

MRF length 180 nm 

MLO width 160 µm 

MLO length 180 nm 

MCS width 840 µm 

MCS length 360 nm 

MCT width 700 µm 

MCT length 360 nm 

Ltank 875 pH 

Cpole 30 pF 

Rload 300 Ω 

 

An extremely compact and efficient mixer was implemented this time with a 

minimum number of bulky components, trying to find a compromise be-

tween the topologies that were discussed up to now. The load resistors with 

high tolerance determine the output DC voltage that was the starting point 

for the redesign of the final receiver stage: the variable gain amplifier. 

Being integrated all in one chip, the choice of one common 2.5 V supply for 

the three building blocks was taken, including the digital circuitry of the 

VGA as well. Figure 3.61 depicts the simplified schematic of the first stage. 
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Figure 3.61 Simplified schematic of VGA first stage. 
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A big effort was done in redesigning the amplifier: an accurate input transis-

tor analysis was performed in order to determine the largest channel length 

at our disposition; the digital building blocks were designed personally in 

order to tolerate the high voltage bias; a simplified common mode feedback, 

taken from the mixer in Figure 3.54 was implemented in order to ease the 

circuit implementation and reduce the mismatch risks. For this amplifier a 

decision was taken to use larger input transistors than in 3.1.3 in order to 

avoid, or at least reduce some instability effects that were observed at high 

frequencies in the first design: an ft of approximately 400 MHz was ob-

served. Larger transistor dimensions should also further reduce the flicker 

noise contribution of the circuit to the overall noise figure. 

TABLE 3-20 shows all the device dimensions. 

 

TABLE 3-20 DEVICE DIMENSIONS 

Device Dimension Units 

Min width 120 µm 

Min length 3200 nm 

Mct width 792 µm 

Mct length 3200 nm 

MDC width 192 µm 

MDC length 1000 nm 

Rload 18400 Ω 

Cpole 1.5 pF 

 

One can notice as well that the degeneration leather consists now of two 

resistors with only one switch connecting them for the activation: this re-

duced the parasitic effects for the differential signals compared to the VGA 

in Figure 3.1. The second stage is identical and cascaded to the first by 

means of buffers that adjust the DC voltage level. 

For this design, all the input transistors for both the analog and the digital 

part were accurately ESD protected with reverse biased diodes, thus improv-

ing the robustness of the circuit, which was one of the biggest problems 

while testing the first VGA. 

Figure 3.62 shows the micrograph of the die. The active area of the circuit is 

approximately 1.74 mm². The die was mounted on a Rogers 4003 substrate 

and wirebonded. The whole circuit draws 32 mA from a 2.5 V voltage sup-
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ply consuming approximately 75 mW. The single ended, input pads can be 

seen to the left, while the differential output IF pads to the right of the inte-

grated circuit. On the top only the DC biasing pads can be observed, 

whereas on the bottom the contacts for the LO signal feeding and the digital 

control bits and power supply for the gain control unit are placed. 

The noise figure was measured using both the Y-Factor method with 

Agilent E4440A spectrum analyzer as receiver and the cold source method. 

 

Figure 3.62 Receiver-5: die micrograph. 

 

The Cold source or Gain method is quite common for RF-to-baseband de-

vices, even though slightly more complicated. It consists of the measure-

ments of just the cold noise power of the DUT when a 50-Ohm termination 

is applied to its input. After this the noise figure is calculated analytically 

using the following expression: 

 

CGB
Hz

dBm
PNF cold −−+= )log(10174  (3-26) 

 

where Pcold is the measured output noise power, B is the measurement band-

width and CG is the well known power conversion gain. This method was 

used as well in order to verify the reliability of the Y-Factor method for 

such a complicated circuit like this integrated receiver. The agreements be-

tween the two methods were satisfying. For voltage conversion gain (CG) 

and non linearity measurements LeCroy oscilloscope was used also this 

time, since no 50 Ω output matching was implemented, but an operational 

amplifier was added on the PCB as buffer to shield the output impedance of 

the VGA. LT6203 by Linear Technologies with 90 MHz gain-bandwidth 

product was used for this purpose. The LO power was set to 0 dBm 
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throughout all the measurements that are presented, corresponding to the 

optimum receiver performance. 

Figure 3.63 shows both the NF and the overall CG with respect to the IF 

frequency of the circuit, for an LO frequency of 5.8 GHz. 
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Figure 3.63 Measured CG and NF vs. IF at PLO = 0 dBm, fLO = 5.8 GHz. 

 

The noise figure measurements were carried out under the condition of the 

maximum gain for the VGA. As it can bee seen a very high gain, approxi-

mately 75 dB, with a 3 dB bandwidth of 4 MHz is demonstrated. Still, a 

minimum overall noise figure of 5 dB is observed. This value increases for 

lower frequencies, showing a strong flicker noise contribution. Compared to 

our simulation results, the white noise contribution is 2 dB higher than what 

we expected. Excluding the 1 dB uncertainty due to the measurement setup, 

one can observe that the VGA contributes with approximately 1 dB to the 

overall noise figure compared to the Figure 3.58 for the higher IF band. 

Nevertheless, it has a significant contribution in terms of flicker noise. In 

this case, we observed 4 dB more noise than what was predicted by the 

simulations. As already discussed in 3.3.1, such high noise contribution is 

typical for pseudo-differential circuits having a poor common mode noise 

rejection and this is exactly the case for this VGA: a high differential resis-

tive degeneration, with MOS channel noise contribution as well in the 

switch, shows a common mode node only for the differential signals, but 

has actually two separated current sources Mct. 

Another aspect has to be considered as well: the input transistor biasing de-

pends on the DC output voltage of the mixer, thus the process tolerances 
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and variations. It is necessary to implement a dynamic servo loop for DC 

offset compensation in order to achieve the desired optimum performance in 

terms of DC biasing. This was not included in the design and should be con-

sidered for future works. We will address this point again in the conclusion 

of this chapter, after the table summarizing the measured results. 

If we now vary the input RF frequency by keeping the output constant at 

5 MHz it can be observed that a ripple of less than 1.5 dB was measured for 

the CG and NF. Figure 3.64 depicts these results. 
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 Figure 3.64 Measured CG and NF vs. RF at PLO = 0 dBm, fIF = 5 MHz. 

 

Ripple in the output peak to peak voltage was measured with the LeCroy 

oscilloscope: the load impedance is a 16 pF capacitance parallel to a 1 MΩ 

resistance. Again, a variation of less than 3 dB is demonstrated for 4 MHz 

of IF bandwidth. The signal varies from 0.7 to 1 V peak to peak. The con-

figuration of minimum gain was used in this case with – 30 dBm RF input 

power. 

In order to verify the gain switching behaviour the same measurement setup 

was used for 1 MHz output frequency by increasing the input RF power 

from – 75 dBm up to – 30 dBm by steps of 3 dB as originally specified by 

the RESOLUTION system specifications. A constant peak to peak output 

voltage around 0.7 V is delivered from the circuit by decreasing the gain of 

the VGA in 3 dB steps while incrementing the input RF power. This is actu-

ally the most important result in this chapter, since the fully integrated re-

ceiver in capable of covering the whole system dynamic range within the 

system tolerances. The amplitude of the output voltage slightly increases 

towards – 30 dBm RF input power: this is due to the fact, that the VGA 
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slowly leaves the linear region and goes into compression. As a matter of 

fact, an input 1 dB compression point of approximately – 20 dBm was ob-

served. 

The receiver showed excellent performance in terms of overall linearity. 

First of all the third order intermodulation was tested with two tone test. An 

IIP3 better than – 13 dBm was measured, which is an excellent result. But 

also second order intermodulation, extremely important for direct conver-

sion and low IF receivers, showed an excellent behaviour: an IIP2 of ap-

proximately + 30 dBm was demonstrated. 

TABLE 3-21 summarizes all the experimental results that were presented. 

 

TABLE 3-21 RECEIVER-5 PERFORMANCE SUMMARY 

Parameter Value 

CG 34 – 77 dB 

Gain control range 43 dB 

Vout – peak to peak 0.7 – 1 V 

NF 5 – 10 dB 

IIP3 – 12.6 dBm 

IIP2 30 dBm 

PDC 75 mW 

 

Thus, even though not required by the project, this fully integrated receiver 

fulfilled the system specifications for both the dynamic range and the linear-

ity under very low power consumption of only 75 mW. 

The only aspect that didn’t completely meet the target is the overall noise 

figure of the receiver which is 1 to 4 dB higher than specified with respect 

to the IF frequency. The noise figure was actually specified only for LNA 

and mixer, but it’s obvious that a higher overall noise would reduce slightly 

the receiver sensitivity, without affecting the localisation accuracy, which 

mainly depends on the linearity of the whole RF front-end. Thus, the excel-

lent results of the integrated receiver make it perfectly suitable for system 

integration in RESOLUTION hardware, achieving an even more compact 

size and consuming even less power. 

The excellent results presented in the table can be however further im-

proved. One of the main difficulties in designing direct conversion or low IF 

receivers is that the integrated circuits from mixer downwards are all DC 
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coupled. No separated biasing is possible, thus the interface stages must be 

accurately designed. This is especially the case of the mixer voltage output 

that is extremely sensitive to the large signal behaviour of the LO transis-

tors. As already discussed in several chapters, the DC output voltage needs 

to be continuously monitored and corrected since it can vary due to process 

tolerances and variations but also due to self mixing and LO leakage effects. 

A small offset at the output of the mixer can lead to saturation of the vari-

able gain amplifier in high gain setting causing distortion and worsening the 

signal to noise ratio. In this work there was no time to implement on chip a 

solution to this serious problem, but it is nevertheless our duty to address it 

at this point, suggest some solutions and leave it as a heritage for future 

works that will be hopefully done on these bases. As already mentioned, a 

servo-loop circuit would be a possible solution for this topic. The main idea 

is to sense the voltage offset at the output of the VGA and then vary the 

differential input voltage, for instance the biasing of the interface buffers 

between the mixer and the amplifier. This can be done by means of a Miller 

integrator as shown in [33] with a high pass pole that has to be carefully 

designed. 

Figure 3.65 shows the simplified schematic of a possible implementation 

also for this integrated receiver. Vout+ and Vout- are the differential mixer IF 

outputs that are fed to the VGA by means of two source followers as buff-

ers. 

 

IFout

VGA

Vout + Vout -

VDD 

 

Figure 3.65 DC offset compensation servo loop for the VGA. 

 

As it can be seen, the current sources of the buffers can be driven by the 

servo-loop circuit that tunes the biasing in order to compensate the DC off-



Circuit Design 

116 

set dynamically by the already mentioned Miller integrator. The principle is 

quite simple, but the implementation of such circuitry requires an extremely 

accurate design, since all the building blocks are DC coupled and undergo 

process tolerances and variations, but also temperature drifts. This part of 

the baseband circuitry is also commercially available in form of very com-

pact and low cost integrated circuits that can be implemented as well on a 

hybrid board, if a monolithically integrated receiver is not the main target. 

In case of RESOLUTION, not only we took advantage of these products, 

but also decided to mount the LNA and the mixer in one package and the 

VGA in another one in order to reduce as much as possible issues like DC 

offset or noise coupling. This point will be presented in the following chap-

ter as part of the system demonstrations performed by the consortium. 
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4 System Implementation and Demonstration 

 

 

 

The system demonstrations that were performed during the three years of 

research were definitely an important part of the RESOLUTION project. 

The main target was to verify the suitability of all the components devel-

oped by the partners and to prepare the final system demonstration to be 

performed by Siemens in front of the European commission. 

Figure 4.1 presents a system overview of the RF front-end with its three 

major building blocks: the receiver, the transmitter and the frequency syn-

thesizer. The port on the left side connects to the antenna, while the right 

side ports represent the signal and control connections to the baseband. The 

frequency synthesizer output is switched between the downconversion 

mixer and the transmitter module. The synthesizer generates a frequency 

ramp that is either send through the power amplifier to the antenna for 

transmission or is used as local oscillator for the receiver subsystem as ref-

erence frequency ramp for distance computation. My personal contribution 

to this part of the project was the design of the hybrid daughter boards, their 

testing and measurements with Siemens as great support in terms of labora-

tories and know-how. Both boards presented in this chapter were designed 

during the project. Also single subsystem demonstrations were performed 

for the RESOLUTION transmitter, receiver and frequency synthesizer, but 

the results concerning the receiver subsystem were presented in this work in 
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a sufficient measure. I personally believe that no further comments or addi-

tional graphs are necessary.  
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Figure 4.1 RESOLUTION RF front-end overview. 

 

The details concerning the development steps of the other building blocks 

that were integrated on the hybrid daughter board can be found in several 

publications [58],[60],[61],[62], as well as in deliverables listed on the offi-

cial RESOLUTION website [21]. 

 

4.1 First system demonstrator 

 

Apart from the single subsystem PCBs, a complete system board was de-

signed after one and a half year of project. It included the frequency synthe-

sizer, the power amplifier with control switch for shutdown modus, the inte-

grated BiCMOS LNA and the mixer (so called receiver core), the VGA am-

plifier on a separate chip to avoid digital noise coupling, an anti-aliasing 

filter, a driving OpAmp and the corresponding ADC, several voltage regula-

tors and two sockets for connecting the board to the FPGA. The physical 

structure of the PCB is more complex than the simple two layer subsystem 

boards. We have here two conductive layers, respectively the top and the 

bottom one, and between them a global ground layer. Only three SMA con-

nectors were necessary: on the right side we have the RF signal connector, 

to be connected to a signal generator or to an antenna, and on the left side 

there are two reference signals: the reference for the VCO and clock refer-
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ence for the FPGA. The overall dimensions of the board are 11 x 7.5 cm². 

Figure 4.2 shows the demonstrator board. 

 

 

Figure 4.2 RESOLUTION RF front-end board 2007. 

 

The measurements of the first RESOLUTION demonstrator showed several 

critical aspects. First of all we observed some stability problems in the 

power amplifier. Secondly, after successfully measuring a baseband signal 

in the receiver, we noticed that the VGA was extremely ESD sensitive. 

Therefore a redesign with ESD protection became mandatory. Thirdly, the 

output VCO signal presented a quite high phase noise. And finally a low 

ohmic connection between VDD and ground was observed (approximately 

1.8 kOhm). This issue was probably due to a wrong bulk connection in the 

power amplifier. Concluding, the difficulties caused by the single subsys-

tems turned out dramatically during the front-end integration and showed 

the weaknesses of the system that had to be considered for the redesign. 

 

4.2 Second system demonstrator 

 

In the redesign of the RESOLUTION front-end daughter board several 

modifications were introduced. First of all the single subsystems were not 

directly wirebonded on board, but in package and only then soldered on 

board. The form factor of the board was much smaller and given by the 

baseband board. The commercially available OpalKelly DSP (which defines 

the form factor of the RF board) is used for evaluation. The connection with 
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the digital part is realized by means of two 80-pin 0.8mm Samtec board-to-

board connectors (BSE-040). On the other side, a simple SMA connector is 

used for the antenna interface. The board includes several voltage regula-

tors: 2.5 V for the analog and digital part, 3.3 and 1.2 V for the DSP. One 

TCXO reference oscillator is used for the synthesizer, A/D converter and 

the DSP. Apart from the AD converter, the DSP is connected with the 

transmitter DC and RF switch, the MMD module, the VGA gain control 

unit and the input switch as well as the mixer-PA switch. The board was 

biased with 5 V. It was designed in all its parts for sending and receiving 

frequency ramps between 5.725 GHz and 5.875 GHz and processing base-

band signals between 1 and 10 MHz. The complete RF front-end was im-

plemented on a 4 layer substrate. The top layer was realized using Rogers 

4350 due to its suitability for RF signals. The simplified schematic of the 

board is shown in Figure 4.3. 
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Figure 4.3 Simplified schematic of the RESOLUTION front-end. 

 

As already mentioned, the single channel transceiver consists of an RF 

front-end board including AD converter, and a separate FPGA board for 

DSP. The front-end board comprises all RESOLUTION ICs and serves as 

the first evaluation platform for the proprietary RFICs. Figure 4.4 and 

Figure 4.5 show the top and the bottom view of the assembled PCB. 

Also during this board realization several difficulties were encountered. The 

first was a technological one: the soldering of the different components was 

not performed professionally and several ohmic contacts were missing. Dur-

ing the second try, it was possible to receive the signal, but not to transmit it 
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due to an instability problem in the power amplifier. To the personal opinion 

of the author, the board realization together with the soldering of the single 

components was not performed with enough care and accuracy, and this fact 

mainly led to a just partially successful system demonstration. 

 

 

Figure 4.4 System board top view. 

 

Figure 4.5 System board bottom view. 

 

The final review meeting with the European commission took place at Sie-

mens facilities in Munich. The localisation system was also demonstrated 

live in a scenario as shown in the following figure. 

Two kinds of mobile units were used during the demonstration: a PDA, as 

shown in Figure 4.6, emulating the museum guiding, and a motor driven 

sledge emulating the AGV. The room dimensions are 10 x 7 x 3.5 m³. The 

walls are made of concrete and metal. 

Six base stations at the sides and two stations at the ceiling were displaced 

for 3D localisation. The 2D position error for 8320 measurements at differ-

ent positions with a mean squared error of approximately 11.3 cm was dem-

onstrated. The error in the vertical dimension showed a mean squared height 

error of 18.3 cm, which is an excellent result if compared to the achieved 

2D accuracy. This excellent 3D demonstration was mainly made possible by 

the two base stations placed at the ceiling of the room. The members of the 
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commission expressed their satisfaction for the achieved results, even 

though the original targeted performance was not achieved. Nevertheless, 

the final demonstration showed and underlined all the potentials of this lo-

calisation system. Authors’ personal opinion is that even better results could 

have been achieved if the dialogue and the collaboration between the part-

ners were more efficient and constructive. This will be definitely an impor-

tant issue for the future development of the RESOLUTION local position-

ing system. 

 

 

source: RESOLUTION White Paper

Figure 4.6 Demonstration room for the final RESOLUTION review 

meeting. 
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Conclusion 

 

 

 

This work describes a systematic development of a fully integrated CMOS 

receiver to be implemented in a high precision localisation system. Novel 

circuit topologies were presented and demonstrated both for the downcon-

version mixer and the variable gain amplifier. Starting from the characteri-

sation of the single circuits, the integration of the building blocks was car-

ried out systematically up to the final full integration. The downconversion 

mixer was modified during these steps in order to fulfil better the system 

specifications. By this, it was also possible to compare different mixer to-

pologies: the folded architecture, which represents the novelty in this work, 

the modified Gilbert cell and the Gilbert cell with current bleeding. The 

flexibility and the high performance of the folded double-balanced architec-

ture were clearly demonstrated. The robustness of this design is mainly 

given by the fully separated biasing of the transconductors on one side and 

the switching quads on the other. Furthermore the LO transistors were real-

ized with P-MOS devices lowering already through their physic the flicker 

noise contribution. As shown in 3.2.3, the mixer achieves 17 dB voltage 

conversion gain, only 8.5 dB noise figure, – 6 dBm IIP3 while consuming 

only 18 mW. 

The first complete CMOS integration was performed with a modified Gil-

bert cell including a resonant inductor and common mode feedback circuit. 

Unluckily it was not possible to implement the folded architecture because 

of the high supply voltage. However, excellent results are reported, as al-
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ready shown in 3.3.4: 28 dB voltage conversion gain, 3.3 dB overall noise 

figure, – 11.5 dBm IIP3 and 20 dBm IIP2 are reported with a power con-

sumption of 50 mW. 

Finally, introducing the current bleeding as well, a fully integrated receiver 

consisting of an LNA, mixer and DC coupled VGA was designed and 

tested. Impressive results were achieved by this integrated circuit: a voltage 

conversion gain varying between 34 and 75 dB gain, whit 5 dB noise figure, 

– 12.6 dBm IIP3 and 30 dBm IIP2 while consuming only 75 mW. The cir-

cuit delivers a constant output voltage swing with less than 3 dB variation 

when the input power is reduced from – 30 dBm to – 77 dBm. However, 

high flicker noise was observed, mainly caused by the variable gain ampli-

fier. Problems with biasing and DC offset were also observed and a possible 

solution was suggested. The enhancement of this receiver can be easily car-

ried out starting from this excellent performance that, if compared to the 

state of the art presented in the introduction, represents one of the most suc-

cessful implementations for a low IF receiver in 180 nm technology at 

5.8 GHz.
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