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Zusammenfassung

Heutzutage ist es moglich Millionen von Transistoren auf einem einzigem Chip zu
integrieren, wobei Submikron CMOS Technologien angewendet werden. Gleichzeitig hat
sich die Geschwindigkeit der digitalen Schaltungen in den GHz-Bereich erhoht. Wegen
der permanenten Entwicklung der digitalen CMOS Technologie ist es moglich die anaolge
Signalverarbeitung in den digitalen Bereich zu verschieben. Damit vermeidet man den
Einsatz der teuren analogen Schaltungen. Dadurch steigen aber die Anforderungen an die
A/D-Umsetzer beziiglich Auflosung und Bandbreite. Besonders in modernen
Kommunikationssystemen benétigt man A/D-Umsetzer mit mehr als 14-bit Aufldsung
und 90 dB Spurious-free Dynamische Bereich (SFDR). Die andere, gleichzeitige
gewlinschte Schliisseleigenschaft von A/D-Wandlern sind Wandlungsraten von zehn

MSample/s bis zu mehreren hundert MSample/s.

Mit der Erhohung der gewiinschten Signal-Wandlungsrate wird das Einschwingverhalten
zum Engpall bei den gegenwirtigen breitbandigen Sigma-Delta Modulatoren mit
geschaltete Kapazitidten (SC). In dieser Dissertation, wurde ein systematischer Entwurf
von Sigma-Delta Modulatoren mit hoher Bandbreite und hoher Auflésung vorgestellt. Es
wurde ein kaskadierte Sigma-Delta-Modulator 5. Ordnung (2-1-1-1) beschrieben, der
mittels der BICMOS-Technologie die gewiinschten Eigenschaften, auch beziiglich des
Einschwingverhaltens, aufweist. Erreicht wird dies durch einen neuartigen
Operationsverstérker, der die geforderten guten elektrischen Eigenschaften besitzt. Weiter
wird in der Arbeit beschrieben, wie alle fiir den Modulator notwendigen Grundschaltungen

entworfen werden konnen.

Ein wesentlicher Teil der Arbeit stellt die Entwicklung eines Simulationswerkzeuges dar,
mit dessen Hilfe die nichtidealen Effekte in Sigma-Delta-Modulatoren gut simuliert
werden konnen. Diese Werkzeuge dienten der Entwicklung von verbesserten Strukturen.
Als Alternaitve hierzu wurde ein kaskadierter Modulator entwickelt, der mit einer reinen
CMOS-Technologie implementiert werden kann. In der Literatur kann man lesen, daf3
kaskadierte Sigma-Delta-Wandler hoherer Ordnung zwar immer stabil sind, aber den

groflen Nachteil aufweisen, dall sie sehr empfindlich auf Nichtidealitdten, wie endliche
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Verstarkung,  begrenzte  Bandbreite und  Slewrate und  Toleranzen von
Kapazititsverhiltnissen sind. In dieser Arbeit wurde ein Konzept fiir einen breitbandigen
hochaufldsenden Sigma-Delta-Umsetzer nachdem Mash-Prinzip vorgestellt, das die in der
Literatur benannte Nachteile vermeidt. Im Gegenteil mit der neuen Struktur erzielt man
eine Verbesserung des Signal-Rausch-Verhiltnisses um 10 dB. Gleichzeitig werden die
Anforderungen an die Operationsverstdrker drastisch verringert. Da in der neuen 3-1-1
Struktur die Wirkungen der Nichtidealititen entschérft sind. Die vorgeschlagenen
Architekturen sind sehr gut geeignet flir die Implementierung von hochwertigen A/D-

Umsetzer mittels einer reinen CMOS-Technologie.
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Abstract

Nowadays, it is possible to integrate millions of transistors in a single chip by using
submicron CMOS processes. Simultaneously, the speed of digital circuits has increased up
to the gigahertz range. With the ongoing advance of the CMOS digital technology, the
trend is that digitizing an analog signal and performing digital signal processing is as early
as possible in a signal processing system, to eliminate the requirements of accurate and
expensive traditional analog building blocks. However, early signal digitization increases
requirements on the analog-to-digital converters (ADCs) regarding resolution and
bandwidth. Particularly in the modern communication systems, over 14-bit signal-to-noise
ratio and 90-dB spurious-free dynamic-range should be satisfied, in order to avoid that
small analog input signals are masked under the distortions by intermodulation products
with the interfering signals. The other simultaneously desired key performance of ADCs is
the conversion rate from tens of MSample/s to hundreds of MSample/s in the future
communication systems to meet the growing needs of the high-capacity and high-speed

data transfer.

As the desired signal conversion rate increases, integrator defective settling becomes the
main bottleneck in the present wideband Switch-Capacitor (SC) Sigma-Delta modulators.
In this thesis, a systematic approach for designing high-speed high-resolution Sigma-Delta
modulators is introduced. This approach has been adopted in designing a high-order
cascade multi-bit Sigma-Delta modulator in the 0.4 u SiGe-BiCMOS process, which was
donated by Freescale Semiconductor, Inc. Therefore, a power efficient implementation has
been obtained in a short design cycle. In this design, high-performance analog circuits,
such as opamp, bandgap, etc., have been designed in the SiGe-BiCMOS process. It shows
that by properly using the BiCMOS process, the conversion rate of the Sigma-Delta
modulator integrators can be greatly improved without the degradation of the achievable

resolution.

A substantial part of the work is to develop a simulation tool. With its assistance the non-
ideal effects and corresponding improved structures can be well simulated in sigma delta

modulators. As alternatives, a novel low-disortion cascade and a low-disortion cascade
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multi-bit Sigma-Delta modulator with improved noise-transfer-function (NTF) have been
proposed in the mainstream CMOS process. Both architectures combine the merits of low-
distortion, cascaded Sigma-Delta structure and multi-bit quantization to achieve high
dynamic range at low oversampling ratio of 8. A comprehensive analysis of both proposed
architectures in comparison with the traditional high-order Sigma-Delta modulator
architectures has been performed. It shows that both architectures are fundamentally
immue to the finite integrator settling and other circuit non-idealities, such as finite and
non-linear DC-gain of opamps, capacitor mismatching, etc. Additionally, the second one
exhibits an SNR improvement over 10 dB against theoretical value. These overall
outstanding advantages have been validated by behavior simulation. The proposed
architectures are potentially suitable for wideband and low-power applications with deep

sub-micron CMOS processes.
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Chapter 1 Introduction

1.1 Thesis background

1.1.1 Background

According to ITRS roadmap (International Technology Roadmap for Semiconductors), the
feature size of the mainstream CMOS process will continue to be scaled down for at least
another decade without deceleration, and it will reach 32 nm by the year 2013, which is
about one third of the current technology level (90 nm, year 2004). At the same time,
transistors become faster, making possible the ever-increasing clock rates in digital

circuits.

For analog circuits the evolution of technology is not as beneficial. Thus, there is a trend to
move signal processing functions from the analog domain to the digital one, which speeds
up the design cycle, brings more flexibility and programmability, and increases the
possibility for design reuse. But the real world has the analog nature, and furthermore, the
input and output signals of communication systems are inherently analog. Therefore,
analog to digital converters and digital to analog converters are always needed to link the

real world and the digital signal processing [Li03].

The A/D conversion comprises of two procedures: sampling, which makes the signal
discrete in time, and quantization, which makes the signal discrete in amplitude.
Accordingly there are two important specifications for an ADC: speed and resolution. The
speed represents how fast the discretization can be done; the resolution represents how
accurate the discretization in amplitude can be done. Signal to noise ratio (SNR) is often

used to characterize the conversion resolution [Raz95].

A band-limited analog signal must be sampled at least twice as far as its highest frequency

component (Nyquist-rate) so that the signal can be reconstructed without loss [Sha49].

Many ADCs are designed to sample the signal just a little faster than the Nyquist rate,

resulting in the large bandwidth. These ADCs are categorized as the Nyquist-rate ADCs.
-1-



Using a standard CMOS process, the conversion bandwidth has been expanded to the
range of Giga Hz [Pou02]. The main drawback of Nyquist-rate ADCs is their low
resolution, which is limited by the matching of analog components. Another problem is the
complex hardware structure and the high power consumption (mainly contributed by the
large number of comparators). Using other structures like pipeline or folding can reduce
the required number of comparators and power consummation. However, they are still very
sensitive to the matching of analog components. Without additional calibration or

correction mechanisms, they are difficult for high-resolution applications[Li03].

Sigma-Delta ADCs, which provide a robust and economical solution for high-resolution
analog-to-digital conversion, have being developed since the 60’s of last century [Ino62].
A Sigma-Delta modulator realizes that the input signals and the corresponding quantization
errors pass through the low-pass loop filter and the high-order high-pass filter,
respectively. Therefore, at output the signals comprise of the delayed input signals and the
quantization errors that are shaped by the high-order high-pass filter. Theoretically,
quantization error can be infinitely shifted out from the interesting bandwidth, and the
conversion resolution can be arbitrarily increased until the device thermal noise floor
physically limits the resolution. Furthermore, a Sigma-Delta ADC does not require
accurate analog component matching to achieve the superior resolution, which makes it
suitable for standard CMOS processes. In comparison with the Nyquist-rate ADCs,
however, Sigma-Delta ADCs have to operate at an oversampling frequency, which results

in the main drawback: the narrow conversion bandwidth.

Considering the circuit realization, Sigma-Delta ADCs can be categorized into discrete
time structure and continuous-time structure. Using switched-capacitor (SC) circuits, the
discrete-time Sigma-Delta ADC offers a good degree of accuracy. But the circuit speed is
limited by the defective settling of switched-capacitor integrator. Continuous-time (CT)
Sigma-Delta ADCs are more adaptive to low supply voltage. The low power
consummation makes the realization of CT ADCs more attractive in future advanced
CMOS processes. Input-signal sampling errors, like settling error, charge injection and
some other discrete-time problems do not exist in continuous-time circuits. The circuits
can operate at a higher speed for a given technology than their switched-capacitor

counterpart. Furthermore, Continuous-time (CT) Sigma-Delta ADCs provide implicit anti-

.



alias filtering, thus reducing the need for explicit anti-alias filtering prior to the modulator.
But the drawbacks of continuous-time Sigma-Delta ADCs are serious. A CT Sigma-Delta
ADC requires a highly linear resistor or transconductor, which is not well-suited for
implementation in modern sub-micro CMOS processes. Additionally, the pole locations of
these integrations are set by the RC (or C/Gm) time constants of these devices. The
variation of pole locations determined by products of two dissimilar device parameters
(rather than as a ration of similar device parameters), is as large as about +30%. The large
mismatch greatly limits the efficacy of multi-stage CT Sigma-Delta ADCs without adding
elaborate tuning mechanisms. It is also more sensitive to clock jitter and quantizer
metastability, which cause random pulse width modulation in the feedback DAC.
Therefore, they, in turn, cause high-frequency quantization noise to fold into the signal
bandwidth, which lowers the conversion resolution [Che00] [Ben97]. Since the
requirement on ADC resolution in high-integration low-cost wireless receivers is normally
higher than applications like traditional wireless receivers, this drawback prevents

continuous-time Sigma-Delta ADCs from being a good choice for modern receivers.

Considering conversion signal-band, Sigma-Delta ADCs can be categorized into low-pass
ADCs and band-pass ADCs. Band-pass ADCs are especially suitable for converting a
narrow-band signal which has a non-zero centre frequency. This character makes band-
pass ADCs ideal for IF digitization in wireless communications. Recently many band-pass
ADCs [Sal01], [Sch02] adopt the continuous-time structure to achieve a high centre

frequency and a large oversampling ratio, where the resolution requirement is moderate.
A complete Sigma-Delta ADC includes a modulator (mostly analog) and a digital
decimation filter. The modulator shapes the quantization error and the decimation filter

reconstructs the signal in digital form. The focus of this thesis is on the high-speed high-

resolution modulator part.

1.1.2 Recent developments

In recent years, Sigma-Delta converters have been frequently applied to high-resolution



low power applications. In order to compare the performance improvement, the figure of

merit (FOM) is defined according to the formula:

ENOB
x(

2 x signalband )

FOM=2 1.1

power
where ENOB is the effective number of bits, calculated according to the peak signal-to-
noise-and-distortion-ratio (SNDR):

ENOB = (SNDR ,, —1.76)/6.02 1.2

Fig 1.1 shows the performance increase of Sigma-Delta ADCs in the past 16 years (1988-
2004) and in this work, where the chips are chosen that have higher FOM of the year.
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Fig. 1.1 FOM of Sigma-Delta ADC

The increase of conversion bandwidth and the relative decrease of power are two
contradictory design targets. In the past 16 years the FOM of Sigma-Delta ADCs has
increased by more than 30 times, as illustrated in Fig. 1.1. Note that the achieved

conversion resolution has not changed much more, — already in the early 90's there was a
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20-bit-resolution converter reported [Yam94]. Therefore, the continuous increase of signal
bandwidth and the decrease of power consumption are ever addressed on, in order to boost
the FOM. For example, compare the chips of 1989 and 2004; [Reb89] chip has a 13-bit
resolution, while the [Bal04] chip has a 14-bit resolution. But the signal band of [Bal04]
chip is about 78 times as large as that of [Reb89], and its power consumption is only about

5 times of that of [Reb89] chip.

In recent years, the higher FOM of the published Sigma-Delta ADCs is achieved by
compensating the weakened benefits of oversampling (necessarily moderate) in the Sigma-
Delta architectures with high-order topologies —either in a single loop [Gee0O0]
[Kou02][Reu02][Bal04][Jia04] or in a multi-stage cascade [Yin94] [Feld98] [Mar98§]
[Gee99] [Mor00] [Fuj00] [Rio02] [Par03] [Rio04]— which often incorporate multi-bit
quantization —either purely [Gee00] [Fuj00] or by means of dual quantization techniques

[Bra91b] [Bro97] [Med99a] [HamO04].

1.2 Motivation

1.2.1 Goal of this work

The goal of this work is to study the design feasibility of Sigma-Delta modulators, which
should feature 12-14-bit resolution at 20-25Msample/s aimed for AD conversion in high-
performance wireline or wireless communication applications, such as very high bit-rate
digital subscriber (VDSL), 3G, and even low-cost high-integration, high-flexibility
software radio systems. The power consumption is limited to 150 mW--300 mW, in order

to obtain higher FOMs.

1.2.2 Problem statement

In analog-to-digital converters (ADCs), the requirements on sampling linearity, conversion
rate, resolution, and power consumption are becoming tighter. As mentioned above,

generally, in order to achieve a wide bandwidth and a high resolution, the sampling
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frequency, the noise-shaping order and the quantizer resolution should be increased

separately or together.

The process advance brings a thinner gate oxide and therefore a larger transconductance

gm. As a result, the sampling speed (f; ) of a Sigma-Delta ADC is continuously increasing.
In early 1990’s the typical sampling frequency is tens of Mega-Hertz [Bra90], [Yin94].
Nowadays above hundred-Mega-Hertz switched-capacitor Sigma-Delta ADCs are
implemented [Bal04]. Therefore, the bottleneck of speed increase is mainly the defective
settling procedure of the integrators, since the large settling error results in non-linearity
and the converter output will contain not only the increased noise floor but also the large

harmonic distortions [Reb90].

With respect to the high order noise-shaping, the cascade multi-bit Sigma-Delta modulator
(MASH) structures by cascading the Sigma-Delta stages of the second or lower order
[FujO0][Rio01][Vel01] are unconditionally stable. However, the circuit non-idealities, due
to the mismatch in capacitor ratios and finite open-loop gains of the opamp, both result in
an incomplete cancellation of the quantization error of the former stages, which degrade

the dynamic range. [Yin94] [Mer99] [Rio01].

An alternative is to use the single-loop high order structures, which have the advantage that
they are insensitive to the capacitor mismatch and do not require high-performance analog
circuits, but if the order of integrator is larger than 2, the modulator is prone to instability.
Therefore, the gain of the noise-transfer-function (NTF) has to be decreased by dividing
the Lth-order polynomial D(Z), which results in a lower noise suppression of the base band
quantization noise[Bal04][Kuo02]. Another problem associated with high-order single-
stage modulators is the high coefficient spread leading to larger area, more power

consumption and poorer stability.

1.2.2 Solutions

In order to avoid a significant degradation of the SNR relative to the theoretical limit, the

cascade multi-stage Sigma-Delta modulators based on the easily implemented stable first-
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or second-order Sigma-Delta modulators are good choose. The key in this typ architecture
is to design high-performance analog circuit’s building blocks that is difficult to be

achieved in the modern CMOS technology.

The evolution of technology has been driven by the microprocessor industry, and hence
does not always go in the best direction for the analog. However, the recent rapid growth
of the wireless telecommunication device market has caused a boost in the development of
advanced mixed signal technologies, such as silicon germanium-based BiCMOS, which is
becoming a viable technology for the production of competitively priced and superior

performance circuits.

Indeed, Sigma-Delta converters like any other data converters are inherently mixed signal
circuits. The emergence of mixed-signal oriented SiGe-BiCMOS process now offers a
more direct and effective alternative. The high transconductance of bipolar device for
given current and area is higher than MOS transistors, therefore, it can be used to expand
the open-loop gain and the unity-gain bandwidth of opamps, and the superior matching
properties of bipolar devices make the offsets lower, which improves the common-mode
rejection. Bipolar transistors also have considerably lower 1/f noise than comparably-sized
MOS transistors, which makes it possible to reduce system noise without devoting
excessive area to MOS transistors forward in the signal path. In this scenario, this work
primitively tried to adequately select, design, and develop high-performance key analog
building blocks in BICMOS for a multi-stage high-order Sigma-Delta modulator to meet

our design goal.

The rapid development of modern deep-submicron CMOS processes and the ultimate goal
being a single chip solution -- the system on a chip (SoC) -- bring the additional challenges
in the data converter design, such as decreasing supply voltage, short channel effects in
MOS devices, matching of devices, etc. Therefore, the requirements of sampling linearity,
process matching, high DC gain and high gain-bandwidth product opamps in the
traditional data converter architectures are becoming more and more difficult to be realized.
This encourages me, in parallel, to concentrate on the development of novel high-order

multibit Sigma-Delta ADC architectures. The performance requirements of analog circuits
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should be significantly relaxed, so that the proposed Sigma-Delta ADC architectures are
suitable for realizing high resolution broadband ADCs even as IC technologies advance. In
this scenario, a novel low-disortion cascade and a low-disortion cascade multi-bit Sigma-
Delta modulator with improved noise-transfer-function (NTF) are proposed in the
mainstream CMOS process. Both architectures combine merits of low-distortion, cascaded
Sigma-Delta structures and multi-bit quantization to achieve high dynamic range at low

oversampling ratio of 8.

1.3 Thesis Organization

The thesis is organized as follows.

Chapter 2 illustrates the principle of Sigma-Delta ADCs. Associated with ideal
performances basic topologies of Sigma-Delta, modulators are introduced and their pros

and cons are discussed.

Chapter 3 is dedicated to an exhaustive analysis of the main non-idealities that affect the
performance of Sigma-Delta modulators. System considerations, behavioral models, and
closed expressions are obtained for the impact of the different non-idealities, which can be

used as estimable guidelines for practical implementation of Sigma-Delta modulators.

Chapter 4 describes the cascade Sigma-Delta modulator implemented in BiCMOS
technology. The topology selection, the requirements of each building block and its

corresponding design at the transistor level are discussed in detail in this chapter.
Chapter 5 describes the development of two cascade Sigma-Delta modulators. The
proposed architectures are elaborated in comparison with the traditional topologies in this

chapter.

Chapter 6 summarizes and concludes the thesis.



Chapter 2 Sigma-Delta ADC Overview

2.1 Introduction

This chapter will begin with an introduction to some basic metrics, which are used to
evaluate the modulator performance. Then the fundamental topologies of Sigma-Delta
modulators are reviewed. Following this basic introduction, tradeoffs among a variety of

Sigma-Delta architectures that are suitable for high-speed applications are explored.
2.2 Performance metrics

This section reviews the key metrics, such as dynamic range, Nyquist rate and power
dissipation, which are needed by the evaluation of the Sigma-Delta modulator quality

[Fel98b].

2.2.1 Peak SNR/SNDR, DR and SFDR

Each component in the system has associated errors. The goal is to keep the total errors
below a certain limit. The accuracy of ADCs is usually evaluated by several key
parameters, i.e. Peak SNR, SNDR and dynamic range, which are related to specifications

and can be defined together.
Signal-to-noise ratio (SNR):

SNR is the ratio in power between the input sine wave fn) and the noise of the converter
from DC to Nyquist rate. SNR includes all noise sources in the modulator, both thermal
and quantization. It is typically expressed in decibels.

SNR = 1010g[Pﬂ'g"“’] 2.2.1

noise

Signal-to-noise-distortion ratio (SNDR):
-9.



SNDR is similar to SNR, except that it includes the harmonic content.

P P
noise dlStOV[lOn

For small signal levels, distortion is not important. As the signal level increases, distortion

SNDRlelog( L ] 222

degrades the modulator performance, and the SNDR will be less than the SNR.
Dynamic range (DR):

DR is the ratio in power between the maximum input signal level that the modulator can
handle and the minimum detectable input signal. Practically, the maximum input signal
level is the input level where the SNDR drops 3 dB beyond the peak. For an analog-to-
digital converter (ADC), if the signal is too large, it will over-range the ADC input. If it is

too small, the signal will get lost in the quantization noise of the converter.
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Fig. 2.1 Illustration of SFDR

Spurious-free dynamic range (SFDR):

SFDR is the ratio of the power value of the input sine wave with a frequency fix for an

ADC, to the power value of the peak spur observed in the frequency domain. As illustrated

in Fig 2.1, a large spur in the frequency domain may not significantly affect the SNR, but
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will significantly affect the SFDR. SFDR is a useful metric in communication applications,
where the distortion component can be much larger than the signal of interest due to the
intermodulation of unwanted interferential signals. Consequently, the small input signals

are masked into the spurs; the dynamic range of the ADC is attenuated.

2.2.2 Nyquist rate

Nyquist rate fy is the lowest sampling frequency that can be used for analog-to-digital
conversion of a signal without resulting in significant aliasing. This frequency is twice the
rate of the highest input frequency f,. Therefore, Nyquist rate specifies the minimum

sampling frequency required to avoid aliasing.

2.2.3 Oversampling ratio (OSR)

In contrast to Nyquist-rate ADCs, Sigma-Delta converters use oversampling to decrease
the quantization error power within the signal band and increase the accuracy of the A-to-
D conversion. The oversampling ratio is defined as the ratio between the sampling
frequency f; and the Nyquist rate fy. Since fy =25, the oversampling ratio can be expressed

as:

S, 223
2f,

OSR:L:
/s

2.2.4 Power dissipation

When a current flows in a component, that component will consume power and heat up.
This process is called power dissipation and is measured in Watts. In a switched-capacitor
implementation, there are two fundamental contributors to power dissipation. The first is
dynamic power. This is the power required to charge and discharge capacitors in the
integrator. The second is the static power dissipated by the active devices within the

integrator amplifier.

Dynamic power dissipation:
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Dynamic power dissipation is due to periodical charge/discharge of load capacitances.
Suppose that the amplifier delivers just the required charge/discharge for the sampling
capacitor and introduces no additional noise into the circuit. Then, the integrator power

will follow the relationship [K1a96] [Gra01]:
P=aV,,°C f,OSR 224

where the samplings capacitor is Cy, the system Nyquist rate is fy and the oversampling
ratio is OSR. The average change of the voltage on the sampling capacitor is indicated by a

nominal variable a.
Static power dissipation:

As the sampling frequency increases in Sigma-Delta modulators to process wideband
signals, integrator defective settling due to the slew-rate of the amplifiers becomes the
main bottleneck in present SC designs. If the integrator in switched-capacitor circuits is
implemented by employing class A single-pole operational amplifiers, the device
transconductance (g,,) is proportional to bias current /45, and the integrator input value at
the end of the preceding sampling phase is vi=V;,(nTs-Ts/2), then the active device should

be biased at a constant current, which satisties [Wil94]:

s, 225

I, > gm

1

so that the amplifier operates linearly settling. Therefore, the evolution of the minimal

static power by the amplifier becomes:

c,
C,

Psir =V oo L sis =V oo *g 2.2.6

m

2.3 Basic architecture

2.3.1 Basic principle
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The basic idea of Sigma-Delta ADC is that it exchanges resolution in amplitude to
resolution in time. In such ADC, the analog signal is modulated into a low resolution code
at a frequency much higher than the Nyquist rates, and then the excess quantization noise
is removed by the following digital filters [Nor97]. Thus, if OSR is high, the oversampling
ADCs are very suitable for CMOS VLSI digital technology, because it does not require

high performance analog buildings.

Fig. 2.2 shows the basic block diagram of a Sigma-Delta modulator and its corresponding
linear model. The Sigma-Delta modulator consists of a feedforward path formed by a loop
filter and a B-bit quantizer, and a negative feedback path around them, using a B-bit D-to-
A converter [Ino62]. In the linear model as illustrated in Fig.2.2b, the DAC is assumed to
be ideal and the injected quantization error of the quantizer is assumed as an additive white

noise approximation.

+ Qin +
Xl—h-@—- H(y) |- f ¥ g H(y) -
= H-hit -

i} YT
DAC

(a) (1)

Fig 2.2 Sigma-Delta modulator architecture: (a) Basic block diagram,
(b) Corresponding linear model.
In this way, the modulator can be considered as a two-input, one-output linear system.

Therefore, a signal transfer function, STF(z), and a noise transfer function, NTF(z), can be

derived:
STF(z) = X&) - _HE) 23.1
X(z) 1+H(z2)
NTF(z) =13 1 232

E(z) 1+H(z)

In the frequency domain, the output signal is obtained as the combination of the input

signal and the noise signal, with each being filtered by the corresponding transfer function:
Y(z2)=STF(z2)X(z)+ NTF(z)E(z) 233

By properly selecting the loop filter, the signal transfer function and the noise transfer

function of a theoretical Lth-order Sigma-Delta modulator yield in the z-domain:
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Y(z)  H(z) @ -
X(z) 1+H(z) <

STF(z) = 234

_Y(z) 1 o
NTF(z) = E) = T HG) = (l z )L 2.3.5

where H(z)=1/(1-z").

Fig 2.3 plots the frequency responses of NTFs with different orders of L. When the loop
order is higher than one, the frequency response of NTF presents the characteristic of high-
pass filters. The higher the order L is, the more quantization error energy is suppressed at

low frequencies.

In this way, the output signal for the ideal case can be written as:
Y(2)=X2)z " +E()(1-z7") 2.3.6
The output signal has only a pure delay in comparison with the real input signal X(z), while

the quantization error £(z) will be pushed out of the output, as it passes through a Lth-order

high-pass filter.

| |
0 0.1 0.2 0.3 0.4 0.5
fifsample

Fig 2.3 Frequency responses of NTFs with different orders of L

The quantization error can be viewed as a random process. If assuming that A indicates the
quantization step, the quantization error is distributed uniformly over the range+ A, and
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has a probability density of 1/A. [Ben48] [Wid60] [Sri77] [Gra90]. The mean-square value

of the quantization error is defined by:

j“” 21 e j”/z ’ 237

82 €

Hence, the in-band power of the filtered quantization error results in

2L

P[5 0 R

238
12 (2L +1)OSR ***!

Since the maximum input amplitude in the non-overloaded region of the quantizer is Arg
and its corresponding power at the ADC output can be approximated to [Pla94]

(5] (03]

2B-3 2
Psignal = P ~ ) = 2 A 23.9

Using Equations (2.3.8) and (2.3.9), the dynamic range of an ideal oversampling noise-

shaping converter yields

DR, ~ > LD g ai(ys _y} 2.3.10
°7 2 g

— —
[o2] Qo o N
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Fig. 2.4 DR versus OSR of a theoretical Sigma-Delta modulator
(with all zeros at DC) for different Lth-order

The theoretical DR is a power function in combination with the order L, oversampling ratio

OSR, and the numbers of the quantizer B. Note from the Equation 2.3.10 that an additional
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bit in the internal quantizer can roughly obtain a 6-dB improvement of DR. This
improvement is independent of the OSR, while high-order quantization error shaping is
dependent on it. The DR of a theoretical Lth-order Sigma-Delta converter increases with
OSR in (L+1/2) bit/octave. This is shown in Fig. 2.4, where the DR is plotted as a function
of the oversampling ratio and the modulator order, in case of a single-bit internal quantizer.
Note that for OSR>4, the combined action of oversampling and noise-shaping considerably
improves performance. It implies that oversampling is the essential condition for a noise
shaping. On the other hand, sampling frequency is directly limited by the technology and
the slew-rate of opamps, it can not be infinitely increased. Therefore, using multibit
quantizer are becoming the common methods to improve the DR, since it has to be

designed at a low OSR to maximize the signal bandwidth [Yin04].

In order to get a stable modulator, the input of the quantizer must be not saturated. The
input of the quantizer as illustrated in Fig. 2.2 can be calculated as in [Nor97]:

Qin (z) =STF(z)X(z)+NTF(z)—-1| E(z) 2.3.11
Therefore, the gain of the INTF(z)-1| or [INTF(z)| should be small. However, note from Fig
2.3 that the gain of noise transfer functions of the form (1-z )" increases rapidly in the
high-frequency region. The maximum gain |[NTF|l, is equal to 2* at f=f/2, thereby,
exhibiting unbounded states, if L>2. Consequenntly, the theoretical increase of
performance by using high-order Sigma-Delta modulator at certain OSR is not achievable

in practice [Ada97a].

In general, instability appears at the modulator output as a large-amplitude low-frequency
oscillation, leading to long strings of alternating +1’s and -1’s [Ada97a]. High-order
quantization error shaping can be achieved by either single-loop through suppression of

out-of-band gain or cascading the Sigma-Delta modulators of only 1% and/or 2"-order.

2.3.2 High-order single loop

For the Sigma-Delta modulator with one bit internal quantizer to remain stable this gain
IINTF||,» must be adjusted to satisfy that is smaller than 1.5[Lee87b]. Fig. 2.5 shows the

scheme of the generic Lee-Sodini Lth-order Sigma-Delta modulator, in which multiple
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feedforward and feedback paths are used. Thanks to the large set of analog coefficients,

more complex high-pass NTFs can be built as [Lee87a] [Lee87b]:

L

(z-1)"-> B.(z-1)"

NTF(z) = =l 23.12

e -8 [ S at-n

i=l

with sufficiently low gain at the high-frequency region.

Fig. 2.5 Lee-Sodini Lth-order Sigma-Delta modulator

If the feedback coefficients B; are set to zero, the following form of the Butterworth IIR

filter is obtained

NTF(z) = (z-1) - 2.3.13

z[(z ~1) ]+ i A(z-1)"" D(z)

i-0
Where (z-1)" is the noise-shaping factor, and D(Z) is the Lth-order polynomial. The gain of
the NTF at high frequencies is decreased by dividing with the Lth-order polynomial D(Z).
Since all zeros of this type of modulator are located at position one, the NTF has a good
response at the dc level, but not at higher frequencies [Nor96]. NTF rises monotonically in
the signal band, so the power spectral density (PSD) at the end of the signal band will

practically determine the total in-band error power.

If the feedback coefficients B; are non-zeros, but small in comparison with A;, the position
of the zeros can be controlled to build the form of the inverse-Chebyshev filter [Lin02]:
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NTF(z) = M

D(z) 23.14
in which D(Z) is Lth-order polynomial, (z-1)' is the noise-shaping factor with zeros at DC,
G(z) is the function of optimal complex-conjugate pairs of zeros. The imposed G(z) results
in a flat band response at low frequency and ripples at the stop band of the signal. Thus,
NTF can be improved by placing notches in the signal band for further shaping of the

quantization error, while preserving its flat out-of-band gain, and therefore, the modulator

stability[Sch93].
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Fig.2.6 The magnitude responses of the 4™-order NTFs of pure FIR, Buterworth and

inverse- Chebyshev filter with various OSR.

The NTF response of a pure FIR filter and its alternatives for implementing stable 4™-order
NTFs are shown in Fig.2.6. Note that the X-axis is normalized to the sampling frequency.
The NTF curve of Butterworth configuration is independent of OSR, since its pole-
locations do not depend on the OSR. The attenuation of the quantization noise is very poor
at high frequencies. The zero-locations of the inverse-Chebyshev filter can be optimized
with various OSRs. Thus, three solid NTF curves can be obtained, each with two notches in
the signal band. The existence of notches will cause faster decay at its upper edge of the

INTF'(f)|; this considerably reduces |NTF(f)| at its upper edge, and in turn, the in-band error
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power. For each case of OSR of 8, 16, 32, Pq is reduced up to about 13dB by optimally
spreading the zeros over the band [Yin04]. However, in comparison with the theoretical
NTF with all zeros at DC, the in-band noise attenuation of both alternatives is poor, not
only at low frequencies but also at high frequencies. The average root-mean-square (RMS)

attenuation over the signal band for each |[NTF| is summarized in Table 2.1.

RMS|NTF| dB
NTF OSR of 8 |OSR of 16 |OSR of 32
Butterworth filter configuration -3dB -22dB -46dB
Inverse-Chebyshev filter -15dB -35dB -59dB
Ideal with all zeros at DC -42dB -66dB -90dB

TABLE 2.1 Summary of the average root-mean-square (RMS) attenuations over the

signal band for various 4™-order [NTFs|

——iTheoretical NTF |
= = & NTF with optimal zeros: :

160,

|
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Fig.2.7 Maximum achievable SQNR by Lth -order single-loop Sigma-Delta
modulators versus OSR (solid curves: pure NTFs; dashed curves: NTFs designed by

inverse-Chebyshev filters with zeros optimally spread over the signal band)

As a result, the maximal achievable SONR of Lth-order single-loop Sigma-Delta
modulators designed by inverse-Chebyshev filters is higher than that of Butterworth filter.
But the imposed non-zero polynomial D(Z) to stabilize the modulator, increases the in-
band noise in comparison with the theoretical L™-order one (pure FIR-filter). The

maximum achievable SONRs of Lth-order single-loop Sigma-Delta modulators versus
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OSR are illustrated in Fig. 2.7 (solid curves: pure NTFs; dashed curves: NTFs designed by
inverse-Chebyshev filters with zeros optimally spread over the signal band). SQNR of the
corresponding alternative Sigma-Delta modulator is deteriorated much more than the
theoretical values with NTF of pure FIR-filter form. Furthermore, it can be detected that
increasing the loop-order of Sigma-Delta modulator, which is designed according to
inverse-Chebyshev high-pass filter, does not increase SONR at OSR lower than 8. Hence,
high-orders single-loop structures are unsuitable for high-resolution applications with low

OSR. [Yin04].

In the last years, many design approaches and architectures have been proposed
[Cha90][Che96][Bur98][Lin02][Bal04]. The goal of these approaches and architectures is
to improve the stability problem, or/and to determine the values of loop coefficients of a
designed modulator with limited coefficient ratios for easy integrated-circuit
implementation, while achieving high signal-to-noise ratio (SNR) and a wide range of
maximum dc input levels. A better set of loop coefficients could be obtained for the same
system performance by adding more unknown coefficients than conventional architectures
[Lin02]. The modified generic multiple-feedback architecture of an Lth-order modulator is
shown in Fig. 2.8. The scaling coefficient c¢; in the circuit is to increase the limit of
integrator output, while the coefficient b; is to determine the pole positions and system

stability.

cl [} + Y

Fig. 2.8 Lin generic multiple-feedback modulator

The coefficient g; in the circuit generates complex pairs of zeros, and the circuit will thus

have the same NTF form as the conventional inverse-Chebyshev filter. If all of the
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resonator paths are removed from the circuit, then the modulator becomes a Butterworth

filter.
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Fig. 2.9 Balmelli 5"-order Sigma-Delta modulator

Better performance has been achieved by Balmelli [Bal04]. The 5" order architecture is
shown in Fig. 2.9 in which all five integrator outputs are fed forward to the quantizer
before the global feedback. Local feedback loops are introduced around the last two pairs
of integrators to create two pairs of poles in the forward path of the closed-loop signal
transfer function. Since the same poles are in the feedback path for the quantizer error, two
pair of transmission zeros are created only for the quantization noise transfer function that
result in two very deep notchs of the noise spectrum[Bal04]. The loop filter coefficients
have been carefully chosen to optimize three aspects of performance. The first is effective
highpass shaping of quantization noise. The second is stability and recoverability from
overload saturation without forced reset. The third is a low spread of capacitor ratios, so
that kT/C noise can be lowered by larger minimum capacitors for each independently

scaleable group [Bal04].

2.3.3 Cascade

An alternative scheme to realize high-order noise-shaping is to cascade multiple first and

second-order Sigma-Delta A/D modulators. Such architecture is called MASH or cascaded
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Sigma-Delta A/D modulator [Mat87] [Lon88] [Cho89] [Reb90]. It is unconditionally
stable.
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Fig. 2.10 Generic N-stage cascade Sigma-Delta modulator

Fig. 2.10 shows the generic basic block diagram of a cascaded Sigma-Delta A/D modulator
[Med99a]. It consists of several stages of Sigma-Delta modulators, in which each stage re-
modulates a signal that contains the quantization error generated in the previous stage.
Once the outputs of the stages are properly processed and combined in the digital domain,
the quantization errors of all the stages can be canceled out, except for the last one in the
cascade. This error at the overall modulator output is shaped by a function of the order
equal to the summation of the order of all the stages. Furthermore, since only 1%- and/or
2"order Sigma-Delta modulators are cascaded and all feedback loops are local,
unconditionally stable high-order shaping can be obtained. The performance of a
multistage Sigma-Delta modulator is therefore similar to that of a theoretical high-order

loop without instability problems.

In order to illustrate the operation of cascade Sigma-Delta modulators, let us consider the
3"_order cascade as shown in Fig.2.11, in which a second-order converter is cascaded by a
first-order Sigma-Delta. Using linear analysis, the output of the first second-order loop in

the z-domain Y (z) can be written as [Rio04b]:
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Fig. 2.11 2-1 3" order 2-stage cascade Sigma-Delta modulator

where X(z) and E;(z) are the input signal and the quantization error of the first quantizer,
respectively. In order to obtain the 1¥-stage output:

Yi(2)=22X(2) + (-2 JE(2) 23.16
the following condition must be fulfilled:

g2, =g,88 =1and g, =2g,g, 2.3.17

The input to the second stage X,(z) is a linear combination of the input and output signals
of the 1%-stage quantizer, given by
_ g 3' _ g 3'
X,(2)= L) - Y ()= 1) - E () - 1(2) 23.18
3 &3
Whereas the output of the second first-order loop in the z-domain can be written as:

yo) - & X@H1-2)EE)
’ 1+(gs — Dz

2.2 X, (2)+ (1 -z )E2 (z) 2.3.19

where E2(z) stands for the quantization error of the quantizer in the second stage with

g, = 1. Substituting the former Equations (2.3.16) (2.3.18), Y2 (z) yields [Nor97]
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Y,(2) = g—{—g LE28s —g—%Jz-SX(@ == )Es ()

& 83 8;

, y , 2.3.20
n g1g3g3 _g_?: (1_271)2_g1g383 2E,(2)

83 83 83

which involves the input signal, 1*-order shaped quantization error from the second stage,
and second-order shaped and unshaped quantization error from the first stage. If the output

of the stages is correctly processed in the digital domain with the cancellation logic given

by:

d=—8 1 g -—% H(z)=z" H,()=(-z") 2321
818,83 818,83

the overall output of the 2-1 cascade Sigma-Delta modulator yields
Y (2) =82 X () +—2 (1= E, (2) 2322
& 81828
Therefore, Y(z) contains only a delayed version of the modulator input and a 3™-order
shaped version of the 2“d-stage quantization error, whereas the quantization error of the 1°-
stage is completely cancelled thanks to the cancellation logic. As a result, its performance
is similar to that of an ideal Sigma-Delta modulator with a 3™-order FIR noise transfer

function, but unconditionally stable by construction.

The in-band quantization error power of the 2-1 cascade Sigma-Delta modulator is:

[Nor97]

NS

P, =d, 1_2270SR7 2323

where A, is the quantization step of the 2™-stage quantizer. Note that the performance
would equal to that of an ideal 3" order Sigma-Delta modulator if d;=1, but it will be
lower if d;>1, because of the amplification of the quantization error by the factor d,’.
Unfortunately, d; equals to g3"/gi'grgs, so that reducing dl involves increasing the
integrator weights, which may lead to an excessively large swing of the internal state
variables and/or a premature overload of the quantizers. Thus, a trade-off must be

established between minimizing the excess of in-band quantization error and maximizing

the overload level and peak SNR of the cascade Sigma-Delta modulator [Ri004b].
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In general, for a N-stage cascade Sigma-Delta modulator like the one shown in Fig.2.9, a
stable Lth-order Sigma-Delta modulator can be built by cascading stages of second order
or lower. If the stages outputs are adequately processed in the digital domain, only the
modulator input signal X(z) and the last-stage quantization error Ey(z) remain in the z-
domain modulator output, yielding
Y(z2)=STF(2)*X(z)+ NTF(2)*E, (2) 5394
=z"' X(2)+d,y (1-z")E, (2)
where L= L, +L, +...+Lx and d,,.; is the scaling factor related to the integrator weight that

amplifies the last-stage quantization error.

The corresponding in-band quantization error power of a N-stage cascade is then given by

[Med99a]

2 2L
Ay T

~ 2.3.25
¢ NS 12 2L+ 1D)OSRM!

with Ay being the level spacing in the By-bit quantizer of the N* stage. Hence, the
performance corresponds to that of a theoretical L,-order By—bit Sigma-Delta modulator,
except for the scalar factor dn.; that causes a systematic loss of performance. Common
values for this amplifying factor are 2 and 4, which lead to a decrease of SNR in 6dB (1bit)
and 12dB (2bit), respectively. However, these performance degradations, inherent to multi-
stage Sigma-Delta modulators, are considerably lower than the ones shown in Section

2.3.2 for high-order single-loop architectures.

In the last years, many designed approaches and architectures have been proposed for
higher loop-order modulator, such as 4”-order cascades: 2-2 Sigma-Delta modulators
[Mia98] [Mar98b], 5”-order cascades: the 2-2-1 Sigma-Delta modulator [V1e01] and the 2-
1-1-1 Sigma-Delta modulator [Rio00a], as well as the 6"-order 2-2-2 cascade [Ded94]

[Fel98]. The focuses on the cascade Sigma-Delata modulator topology are:

e Minimizing the scaling factor that determines the loss of resolution.

e Maximizing the output swing to ensure a high peak SNR.

e Minimizing the required output swing of the integrators, especially in low-voltage
implementations.
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o Simplifying the set of analog coefficients to be easily implemented as capacitor
ratios using unit elements.

e Reducing the total number of unit capacitors to save silicon area.

2.3.4 Comparison

The key issue of designing high-speed Sigma-Delta modulators is to lower the
oversampling ratio [Fel98a], and thus maximize the signal bandwidth by a given
technology. Since the simultaneously desired performance is the high resolution for the
communication systems, the order number of the Sigma-Delta modulator has to be

increased, and/or multi-bit quantizer has to be used.

As mentioned in the previous sections, the single-loop high order structures have a low
attenuation of in-band quantization noise, and, consequently, low achievable SQNR, since
non-zero poles have to be inserted in the NTF to ensure stability. Whereas the high-order
cascaded MASH structures are unconditionally stable. The noise-transfer-function (NTF)
of this type Sigma-Delta modulators approximates the theorectical NTF of (1-z).
Therefore, cascade Sigma-Delta modulators can achieve much higher resolution than the
single-loop one with the same loop-order, OSR and internal quantization, particularly at

low OSR.

2.4 Summary

The principles of Sigma-Delta modulators have been studied in the chapter and various
alternative modulator topologies have been presented. The achievable performance of
different architectures has been addressed by only taking into account the quantization
error. In single-loop Sigma-Delta architectures, non-zero poles need to be introduced in
NTF to suppress the out-of-band gain, and therefore stabilize the modulator loop.
Consequently, the single-loop Sigma-Delta architectures obviously degrade the achievable
signal-to-noise ratio (SNR). The cascade multibit Sigma-Delta modulator (MASH)
structures greatly relieve the constraint on the stability of high-order loop, so that they offer

a good compromise between high accuracy and speed.
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Chapter 3 Non-lIdealities on Sigma-Delta
Modulators

3.1 Introduction

This chapter will investigate circuits’ non-idealities in Sigma-Delta A/D converters and
present corresponding behavioral models. These effects of circuits’ non-idealities on
performance of Sigma-Delta A/D will be intuitively illustrated by the simulation of the

PSD vs. frequency by means of the constructed behavioral models.

, -
=L .vpac+ —ROM [eY 2
— o Y 4
Cfb —@ 5 ET vit
| L. _|E i
Vin+ Cs I ‘131 h&: ¢'2_ ‘ dEE-1 T
Xl - |
trg ) ;; Oﬁ.ﬁ'-". —'1-3'-2_ B-bit | &y B-bit [PVDAC*
e o 2T~ ¢ [8__] PAC |evpac
. Py ]
Vin- Cs _ﬁh |_/ |_I_/_ |F i

cfb _@ . vr

ig. 3.1. Schematic of an SC first-order Sigma-Delta modulator

The block diagram of a first-order SC Sigma-Delta modulator is shown in Fig. 3.1. The
modulator consists of input samplers, an SC integrator, a quantizer and a feedback digital-
to-analog converter (DAC). The non-idealities can be categorized in six classes: Sampler
related errors, such as sampling jitter; integrator related noises, such as kT/C and opamp
noises, integrator related non-idealities, which are caused by finite key parameters of
opamps (finite gain, finite bandwidth, slew-rate and saturation voltages); comparator

related ones and the DAC non-idealities.

Although non-idealities occur on all topologies (single-loop, cascade, multi-bit), it does not
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mean that the impact of these non-idealities is the same for all topologies. The impact

differences will also be introduced in this chapter.
3.2 Sampler related errors

3.2.1 Clock jitter

Jitter is mainly caused by thermal noise, phase noise and spurious components in every
clock-generation circuitry —i.e., crystal oscillators, PLL-based oscillators, etc. In a SC
circuit, clock jitter can be defined as a short-term, non-cumulative variation of the
switching instant of a digital clock form from its ideal position in time [LeeOl] (see
Fig.3.2a). It results in a non-uniform sampling time sequence, and produces an error which

increases the total error power at the quantizer output.

When a sinusoidal input signal x(t) with amplitude A and frequency fi is sampled at an
instant, which is in error by a statistical non-uniform uncertainty At, the magnitude of this

error, as illustrated in fig. 3.2(b), is given by[Bos88]

e(nT, + At) = x(nT, +At)—x(nTs):At%x(t) ,1 =27zfox cos[2izfans]At 3.2.1

TT

F _.:.1::‘_
(a) ' >
A
-_: errol
: : : —
P —
o = T\ /b-
'x
(b) \/

Fig. 3.2 (a) Jitter in a digital clock signal; (b) Effect of clock jitter in the sampling.
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This error can be modeled at the behavioral level as shown in Fig. 3.3 [Bri99], where the
continuous-time input signal X and the magnitude of this jitter error are firstly summed
together in the output, and then the actual sample value is implemented by a zero-order
hold block with sampling period 7. The random noise signal is implemented with a
random block, which creates a sequence of random numbers with Gaussian distribution,
zero mean, and unity standard deviationc. Since assuming that the jitter is white noise, the
resultant error has an uniform power-spectral density (PSD) from 0 to fs/2, with total
power of (2zf o4 )’ /2 . Therefore, the in-band jitter noise power is given by
2
P, = jf 'S df = (22”5 ""O‘;?) 322
In this case, high oversampling is helpful in reducing the error [Bos88].
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Fig. 3.3. Modeling a random sampling jitter
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Fig3.4 (a) Effect of jitter error on PSD of second-order modulator (fx=200KHz)
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Note that once the analog signal has been sampled, the variation of the clock period has no
direct effect on the circuit performance. Consequently, clock jitter is introduced only by
sampling the input signal, and the effect of clock jitter on a Sigma-Delta modulator is

independent of the structure or the order of the modulator.

PSD [dB]

10
Frequency [MHz]

Fig3.4 (b) Effect of jitter error on PSD of second-order modulator (fx=1MHz)

Fig.3.4 (a) (b) show the effects of jitter error on PSD of a second-order Sigma-Delta
modulator, where the input frequency is 200 KHz and 1MHz, respectively. The PSDs of
the ideal case have a slope of 40dB/decade that indicates a second-order noise shaping of
the quantization noise over a wide band of frequency. The jitter error dominates the noise
floor at lower in-band frequency, and the noise floor increases as the jitter increases.
Comparing with Fig.3.4 (a) and Fig.3.4 (b), it is shown that the jitter error is dependent on
the frequency of input signal: the higher the frequency of the input signal, the more error

power will be introduced with the same time deviation.

3.3. Integrator related noises

3.3.1 Thermal noise
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Thermal noise is generated by the switches in the SC integrators due to the random thermal
energy motion of electrons; it is present even at equilibrium. In a switched-capacitor
integrator, two switchs are turned on or off at the same instant. Since both switch
transistors work in the triode region, the noise has a mean-square value within the

bandwidth Af (in Hz) [Shr05]:
V2 =8kTR, Af 33.1

Where k is the Boltzman constant, T is the absolute temperature in Kelvin. At room

temperature 4kT = 1.66 x 10-20 V-C.

The total power (mean-square value) pnytor of the SC-integrator are calculated by

evaluating the integral for all frequencies: [Gra01] [Sch05]

v 1 © 8KkIR, kT
— d Tdf = 33.2
CS

A 1+ j2m2R, Cof| { 1+(47R,,C f)

o0
PN,TOT = I
0

Therefore, in order to effectively reduce the power of the folded-back thermal noise, C;
must be increased. Note that reducing Ron is useless for reducing the total noise power

[GraO1].

The switched thermal noise voltage er appears as an additive noise to the input voltage x(t),

which leads to

y(t) = [X(l‘) +te, (t)]c = {x(r) + \/é:in(t)}c = {x(t) + Ckéin(t)}c 333

where n(t) denotes a Gaussian random process with unity standard deviation, and ¢ is the

integrator gain and ¢c=Cy/C;. The behavior model of the switched thermal noise is shown in

Fig. 3.5. [Bri99].

The KT/C noise at the input integrator is dominating, since the white noise introduced in
the subsequent integrators will be noise shaped by high-pass filters. Therefore, Capacitors

in the subsequent integrators can be scaled down.

Fig.3.6 shows that KT/C noise of a second-order Sigma-Delta modulator has the same
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effect on the PSD as that of a clock jitter. The KT/C noise increases the noise floor at lower

in-band frequencies, and the noise floor increases as the sampling capacitor decreases.
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Fig. 3.5. Modeling the thermal noise (kT/C block)
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Fig3.6 Effect of KT/C noise on PSD of second-order modulator

3.3.2. Op-Amp noise

The noise voltage source in the opamp generally consists of a thermal (v;) and a flicker

component (V). For a MOSFET operating in strong inversion region, the thermal noise can

be modeled by a current source in parallel with the channel. The mean-square value of the
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input-referred thermal noise within the bandwidth Af (in Hz) of a MOSFET in saturation is
approximately [Gra01] [SchO5]:
> 8kT

Vop,th :_Af 33.4
3g,,

The flicker (or 1/f) noise, which is nearly independent of the bias condition, is
approximated by

1 kA
- C, WL |f]

3.3.5

Vop.f

where k is a process- and temperature-dependent parameter. Flicker noise dominates at low
frequencies and decreases with the increase of frequencies. The frequency at which 1/f
noise is equal to the white thermal noise is called corner frequency f.,. Beyond f.,, thermal

noise dominates.

0,
- =
3 x D

Product ¥
M {F—f>—

Random Zero-Order Moise
MNumber Hold Std. Dey.

Fig. 3.7 Op-amp noise behavior model

The flicker (1/f) noise and wide-band opamp thermal noise are uncorrelated in the same
device, so their noise powers can be directly added together. Practically they can be
obtained from circuit simulation, calculation and measurement during the integration phase,
by adding the noise contributions of all the devices referred to the op-amp input and
integrating the resulting value over the whole frequency spectrum [Bri99]. If assuming that
the total rms noise voltage referred to the op-amp input is V,, the behavior model of the
effect of the opamp noise on Sigma-Delta modulators can be simplified as Fig. 3.7. Fig.3.8

shows the PSDs of the second-order Sigma-Delta modulator with and without opamp
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noise. The opamp noise increases the noise floor at lower in-band frequency, and the noise

floor increases as the opamp noise increases.
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Fig. 3.8 Effect of opamp noises on PSD of second-order modulator

Note the thermal noise of the opamp is considerably lower than that of the switches by
comparing Eq. 3.3.1 and Eq. 3.3.4, and the flick noise can be suppressed by using big
device with big length (L), width (W) or both.

3.4 Integrator related non-idealities

3.4.1 Integrator leakage

3.4.1.1 Model of integrator leakage

The integrator leakage caused by finite-DC-gain of the opamp in the integrator can be
modeled with a variable “alpha”. In the SC integrator shown in Fig. 3.1, the parameter o is

approximated with [Yin94]:

- A4.C, 3.4.1
AOC1+CS+Cjb

where Ay is the finite DC-gain of opamps, C;, Cs and Cy stand for the integration,
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sampling and feedback capacitor. The transfers function of the integrator with leakage

becoms

-1

H(z)= —2

-1

-z « 3.42
Therefore, the pole location is shifted. It can be modeled in Simulink as illustrated in Fig.

3.9. [Bri99].
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Fig. 3.9 Real integrator model with leakage

The output voltage of a real amplifier is not rail-to-rail but bounded to a voltage smaller
than the supply voltage (determined by the drain-source saturation voltages of the output
transistors). This effect is easily taken into account at a high level by clipping the output
voltage. This can simply be done in SIMULINK using the saturation block inside the loop

of the integrator, as shown in Fig. 3.9.

3.4.1.2 Impact on single-loop Sigma-Delta modulators

Considering the integrator leakage, specifically, when o approximates to 1, in a 1%-order
loop, the STF and NTF of the modulator are given, respectively:

-1
z

STF (z) = V() _ _d-az' _ z”! O 343
Xz o2t s -a)
l-az™
Y(2) 1 1-az” L L 3.4.4
NTF(z) = - - ~(— )4 (1— 4.
BT R R P (= (1==")+1-a)
|
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Note from Eq. 3.4.3 that the leakage affects the signal transfer function introducing a gain
error that, in general, will be negligible. On the other hand, the leakage (1-a.) shifts the zero
location away from its ideal position at z=1 (DC) in the noise-shaping function. Note that
the first term corresponds to the ideal 1¥-order shaping, whereas the leakage adds a second

term that is not shaped.

By doing the transformation z—exp(j2nfAs), the in-band error power at the modulator

output under this degradation of the integrator leakage can be calculated as [Rio04b]

_rfA 2 A - (-a) 345

with f, being the signal bandwidth, f; the modulator sampling frequency, OSR= fy/(2f;)
the oversampling ratio, and A the spacing between adjacent levels in the quantizer. Note
from Eq. 3.4.5, that the first term is inversely proportional to the corresponding ideal 1%-
order shaped quantization error, whereas the second term introduced by the leakage is
proportional to (1-a)* and inversely proportional to OSR. This second term may dominate

the in-band error power for low amplifier DC-gains and/or low oversampling ratios.

For a second-order single-loop Sigma-Delta modulator, the noise transfer function can be

calculated with: [Ri004b]

NTF(z) = 1 B (l—alz’l) (l—azz’l)

= X
(l+ z™! 1](1+ z™ IJ 1+(1-a)" 1+(-a,)" 34.6

l-—az” l-a,z”
(- P+ -z N1 -a)+ (1) + 22 (1=, N1 - ,)
where 1-a; and 1-a, are integrator leakages at the first and second integrator, respectively.

The in-band error power at the second-order modulator can be calculated as

NN[ 7 (1-a) +(1—az))27r2+(1—a1)2(1—a2)2J 347

Po="y 50SR ° 30SR* OSR

Note that the first term in Eq. 3.4.7 corresponds to the ideal second-order shaped
quantization error, whereas the leakage-introduced term of ((1-o.;) +(1-a2))* is first-order

shaped and the term of (1-o,;)* (1-a12)* non-shaped.
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If same integrators with integrator leakage (1-a) are applied, these expressions can be
generalized for an Lth-order single-loop modulator as follows [Rio04b]

Y(2) 1 l—a " L~ . -
E(Z):1 [ S ]LL+(15)ZI] =[(1—z )*(1_05)2]

1—&271

3438

NTF(z) =

From Eq. 3.4.8, the in-band power can be calculated, which is given by [Rio04b]:

2

P,=A

2L

T . (1-a)* +i‘ LL-1)(L-m+1) Q-a)*™ 7 3.4.9
(ZL n I)OSR 2L+1 OSR el m! (Zm 4 I)OSR (2m+1)

Note that in an Lth-order loop, L terms corresponding to shapings of order O, 1, 2, ..., L-1

are added. These extra terms are proportional to decreasing powers of 1-o—i.e., (1-a)*",
(1-0)*™Y, .. (1-0)*, (1-a)%, respectively— so that, for usual values of the oversampling

ratio and the amplifier DC-gain, the dominant extra term is that with a shaping of order L-

1. [Rio04].
3.4.1.3 Impact on cascade Sigma-Delta modulators

In a MASH or cascaded N-stage architecture, the shift in pole location of the integrator
transfer-function results in incomplete cancellation of the quantization noise from the
previous stages, so their quantization errors can not be completely canceled by the
subsequent digital signal processing. The output of the modulator can be described by the

equation below,
N-1
Y(z) = STF (2)X (2) + NTF  E (2)+ ) NTF e (2)E;(z)  3.4.10
i=1
Where the NTF; outqg indicates the integrator leakage term of a Lth-order modulator in the
ith stage. For example, from Eq. 3.4.4 and Eq. 3.4.6, it is obtained that the NTF leakage of
the first-order and the second-order modulators are (1-a)z”' and 2(1-0)(1-z")+(1-a)’z? ,

respectively.
3.4.1.4 Comparison

In order to intuitively compare the impact on Sigma-Delta modulators, the model of
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the integrator leakage is incorporated in a cascade 2-1-1-1 (4bit) [Ri000a] and a single-loop
5™ order 4bit [Bal04] Sigma-Delta modulator. The oversamping ratio is chosen 8 and 16
for the cascade and the single-loop, respectively. Note that the OSR of the single-loop is
chosen as high as double of the cascade, to achieve the comparable SNR, as mentioned in

section 2.3.2.
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Fig. 3.10. PSD of the cascade 2-1-1-1(4bit) at OSR of 8

for different DC-gain implementations.

Fig.3.10 illustrates the PSD curves of cascade 2-1-1-1 (4bit) Sigma-Delta modulator at
OSR of 8 for different opamp DC-gains. Fig.3.11 illustrates the PSD of the 5™-order 4bit
single-loop one at OSR of 16 for different DC-gains. Comparing them, it is found that the
system noise floor increases due to finite DC-gain, which will significantly attenuate the
SNR, but not the SFDR. The added noise part causes that the quantization noise in the
previous stages of cascade one can not completely canceled in the digital domain, therefore
cascade topologies present a higher sensitivity to the finite DC-gain than single-loop
topologies. In the simulation examples, for a 1-bit loss in DR, over 80dB opamp DC-gain
is required at OSR of 8 as shown in Fig. 3.10. Whereas the single-loop structure is very
immune to the integrator leakage as shown in Fig.3.11, so that the impact due to the finite
DC-gain can be neglected. Comparing the impacts on single-loop and cascade topologies,
it is obvious that every stage, except for the last stage, contributes to the additional noise
power due to integrator leakage. Consequently, cascade topologies are always more
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sensitive to leakages than single-loop topologies; and the sensitivity rapidly increases when

increasing the order of the modulator, unlike single-loop topologies.

'BW =1 MHz @ OSR=16 |
i

-100F--

PSD [dB]

-200

100} -

PSD [dB]

-200

-100}--

PSD [dB]

-200

10"
Frequency [MHz]

Fig. 3.11 PSD of 5™ order single-loop with 4b quantizer at OSR of 16 for different

DC-gain implementations.
3.4.2 Integrator weight variation

3.4.2.1. Model of integrator weight variation

The integrator weights are implemented by means of capacitor ratios in the SC integrator.
The variation of process parameters and sizes makes the integrator weights have a small
deviation € from their nominal values. In the worse case, the weight gi (m over n unit
capacitors) is assumed as three times its relative standard deviation and cc=ccn/Cy, the

error parameter € is approximated with [Rio04b]:

c 2 20w _ I L, 3.4.11
g[ m n

It indicates that the errors may be further decreased if total number of unit capacitors is

increased, to implement the weights of a given integrator.
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The behavior model is illustrated in Fig. 3.12., where the integrator weight g and the small
deviation are firstly summed together; then the actual value is multiplied by the sampled
input signal IN as the input of the integrator. The small deviation is implemented with a

random block with Gaussian distribution, mean value of zero, and standard deviation of &,

[1
. . 3 - + -
where the gain -k- isequalto Vm  »

@ >

L ~ W
¥ L - ] A
[RaM UM Lnit Celay Saturation Y

: <3l
Gain Sum
M . _rL‘— » gaind
Randzm Zare-Crder Gain
Blumber Hold

Fig. 3.12 Weight variation model due to capacitor mismatch
3.4.2.2 Impact on single-loop Sigma-Delta modulators

Assuming that the actual integrator weights gi deviate from their nominal values with a
small error term €gi, then the actual weights are gi*= gi (1+egi). In the general case gl=g1’
and g2’=2g1°g2, the signal transfer function can be calculated as:

STF(z) = (1 - ) 5 3.4.12

ggl' _ggl
the noise transfer function can be calculated:

NIF(2)=(1+(g,,+&, N0~ z™")? 3.4.13

where the terms in & ; have been neglected [Ri004b].

The in-band error power at the second-order modulator under capacitor mismatching can

be calculated as [Rio04b]

P=5

(+(g gatea )T 3.4.14
SOSR’
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These aforementioned expressions can be extend to an Lth-order single-loop modulator as

follows
Y(Z)2Z_LX(Z)+(1+8g)(1—Z_I)LE(Z) 3.4.15
where g,=€g1 "+ € F... €.

A (re)'m™ 3.4.16
12 (2L + 1)OSR ***!

P,=
Note that the error power due to capacitor mismatch is shaped by an one-order higher high-

pass filter than that due to finite open-loop gain.
3.4.2.3 Impact on Cascade Sigma-Delta modulators

In the same manner, the output of a cascaded Lth-order N-stage modulator can be

described by the equation as below: [Ri004b]

Ly

Y(Z) =z"X(z)+ glzf(LfL‘)(l - Z_l) E(2)+
+dg,z " A=z Y E (2) +.. 3.4.17
+dyy (e (1-2) Ey(2)

Therefore, the output-referred in-band error power can be calculated as the following

expression:

» zﬁ glzﬂ_le
¢ 12{ (2L, +1)OSRH+

A22 PP 822 2(L,+Ly) .
12 1 (2(L1+L2)+1)OSR(2(L1+L2)H)

A, & m
+ =242 N +ot 3.4.18
12 ””[(ul +1)OSR©H+)

where 4; stands for the level spacing between adjacent levels in the quantizer of the ith
stage, L; indicates the loop-order of the ith stage, and d;...dx.3are the digital coefficients

in the direct path from the output of the stages.
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3.4.2.4 Comparison

In order to intuitively compare the impact on Sigma-Delta modulators, the model of the
integrator weight variation is incorporated in the cascade 2-1-1-1 (4bit) [Rio00Oa] and the
single-loop 5Sth-order 4bit [Bal04] Sigma-Delta modulator as before. Fig.3.13 illustrates the
PSD curves of cascade 2-1-1-1 (4bit) Sigma-Delta modulator at OSR of 8 for different oc
of capacitor mismatches. Fig.3.14 illustrates the corresponding PSD of the 5th-order 4-bit
single-loop one at OSR of 8. Note that the achievable SNR is considerablely lower than
that of the cascade. Comparing Fig. 3.13 and Fig. 3.14, it is found that the system noise
floor increases due to capacitor mismatch, which will attenuate the SNR. Increasing
modulator order of cascade topologies must add more error power into the modulator
output, and therefore, it is impossible to expand the cascade topologies to any order, while

preserving a low systematic loss of resolution (only one bit) and a high overload level.

120} ; JN;
10¢=0.01% SNR = 78.3dB

PSD [dB]

140}

Frequency [MHz]
Fig. 3.13 PSD of the cascade 2-1-1-1 (4bit) at OSR of 8

for different capacitor mismatches.

In the simulation examples, for a 0.5-bit loss in DR, o, should be smaller than 0.01% at
OSR of 8 for cascade one as shown in Fig. 3.13. However, the single-loop structure is very

immune to the integrator leakage, and o, as large as 1% at OSR of 8 can be tolerated.
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Note that the achievable ideal SNR of the single-loop is significantly lower than that of the

cascade at the same OSR of 8.

PSD [dB]

PSD [dB]

Frequency [MHz]

Fig. 3.14 PSD of the single-loop (4bit) at OSR of 8 for different cc of capacitor

mismatches.

3.4.3 Integrator settling error

As the clock frequency increases in Sigma-Delta modulators to process wideband signals,
integrator defective settling becomes one of the bottlenecks in present SC designs. The
output voltage settling error is basically caused by the finite gain-bandwidth product and

slew-rate of the amplifiers.
3.4.3.1 Model of finite bandwidth and slew rate

In order to analyze the integration settling behavior, the integrator model as shown in Fig.

3.15 is used. In this model, a single-pole amplifier is modeled by a transconductance gm,
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which has a non-linear characteristic, with biasing current /45, and Cgs and C;, stand for
parasitic capacitors associated with the summation node of the integrator input and the
capacitive load, which includes the parasitic at the amplifier output node and the one
associated to the bottom plate of the integration capacitor Cj, respectively; Cs and C; stand
for the sampling capacitance and the integration capacitance, respectively. In this case, the
equivalent closed-loop capacitance at the integrator output depends on the equivalent open-
loop capacitance (C.,;) and the dc feedback factor (f) during the integration phase, and it is
given by [Gee99]:

Cepo C.+C..+C,)C
q,[:CS+CGS+(S+ GS+ I)L

Ceq,cl = C
/ / 3.4.19

Therefore, the close-loop time constant T, GBW and SR are obtained, respectively:

r= Ceq,cl
En 3.4.20
GBW = En 21
ﬂCeq,cl T 3421
]B[AS
SR = =222 3.4.22
Ceq,cl
|L
a Cs e o Vour
9m — L
$2 \ #1 — - IBIAS
— I— —
‘u"F = = = = =

Fig. 3.15 Simplified CMOS integrator schematic

Furthermore, a more useful relationship between the slew rate and the time constant has

been derived by using the simple square-law model of the MOS transistors [Gra01]:

srrr=tos VoV _Va 3.4.23
g, 2 2
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where Vgs is the quiescent gate-to-source voltage of the input transistor, Vy, is its threshold
voltage, and V. is the overdrive voltage. Reforming Eq. 3.4.23 by introducing gain-
bandwidth product GBW, a more design-oriented constant is obtained:
SR
G " 3.4.24
It indicates that both design parameters SR and GBW are directly proportional to Igjas, and
therefore, the ratio is quite constant in a single-pole opamp, which depends directly on the

overdrive voltage.

Since slew rate appearing or not depends on the instantancous amplitude of the input
signal, the relationship between slew rate and the level of the input signal will be studied as

follows.

In a SC integrator, the input signal consists of the assumed sinusoidal input signal minus
the feedback signal. During the nth integration interval, the input signal v, is equal to

Vin(nTs-Ty/2)-Vi(nTs-Ts/2), and the output node is evolved as: [Med94] [Rio00b]

T C T t
vout (t) = vout (nTS _;j—i_c,j(vin (nTS _TS )_VF [nTS _;jJ[l_exp(_T)J
T C
=v,,| nTy ——=|+—>v, l—exp(—t)
2) C, T

where v,(nT-Ty/2) is the integrator output value at the end of the preceding sampling

3.4.25

phase, and Cs/C; stands for the feed forward gain of the integrator. The maximum slope
value of this curve is:
C
4, (t)( —=s s 3.4.26
—~ C 7
Regarding to the settling error, two separated cases have been considered: linear, partial-

slew [Rio00a]:

In the case of

Cs v,

C,

SR > 3.4.27
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there is no slew-rate limitation, and the integrator output will be linearly settled. Imposing

Eq. 3.4.23 in Eq. 3.4.27 and reforming, the linearly-settling condition is obtained:

v, 225, 3.4.28
1
The linear settling error can be approximated as:
T
gst = CXE{— _Sj = eXd— ﬂGBnorm)
2 3.4.29
In the case of
SR <|Ss Vs 3.4.30
c, 7
and
C; |v, 1
0= —T<——
C, SR 2, 3.431

the opamp is first in slewing within ty, and therefore, the integrator output shows a partially
SR limited nonlinear settling. Similarly, imposing Eq. 3.4.23 in Eq. 3.4.30 and Eq. 3.4.31,
the partially SR limited nonlinear settling condition with GBporm=GBW/A; is:

VS'

Ei*““*<Kw<2giW\ 3.4.32
C, 1+2GB : c, s

norm

The linear settling error can be approximated as:

gst = CX{— Ej = exd_ ﬂGl}norm)

2 3.4.33
whereas the nonlinear settling error can be approximately evaluated as:
SR*r C, |v
&, = *exp| — Ty /27 —1+—>——
st g § p[ N / CI SR Z_J
c, '
V., ,
= C‘ff *exp(— GBW —1+2% ;3 ]
25, * e 3.4.34
C, 4.
V.,
= I wexpl —2GB,, —1+2Ymm
2 vnorm Ve.lf

Fig. 3.16 illustrates the corresponding relationship between the normalized GB and the

integrator’s relative input level. The output responses of the integrators are assumed to be
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settled to a given error of 0.05%, 0.1% and 0.5%, respectively, and V£=200mV. It is
shown that the low input level of the integrator is the key to reduce the required normalized
gain-bandwidth GB. Note that most of the existing Sigma-Delta modulators have a great
occurrence that the input levels of the integrators are relatively large. Therefore, they

operate mostly in the non-linear settling region.

3.2 . |
O settling error =0.05% ;
3lo—o settling error=0.1% .....i.....__._ = -
settling error=0.5% :
@ 2.3 - | R O S S -- S S = A
Jral
(O3 Y] AR NN S~ -l MRSl SR
o
- 2.4
) e
o 22 y _,,eﬁ . o
E ' " nonliear settling .
S 2t ¥ ' I- --------------- ------------ .
linear I ; : i
1.8 -settling - AREER e P T
16 j ; : :
0 0.1 0.2 0.3 0.4 0.5

Integrator Input =Cs/Cl*Vs

Fig. 3.16 The relationship between the required normalized GB and the relative

integrator input level for a given settling error

Consequently, a relatively large opamp gain-bandwidth is required, and harmonics are
produced. Additionally, the opamp-normalized gain-bandwidth GB can also be reduced

with a certain topology, which is insensitive to the settling error.

MATLAB 1 - h( ]
:D* Function _": —» - > 4
z
slewRate Sum  ynit Delay Saturation out

Fig. 3.17 Real integrator with SR model
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The integrator output value vou (nTs) can be described in the MATLAB function block as
shown in Fig. 3.17. In the case of the linear settling, the incomplete settling causes a
degradation of the integrator gain; in the case of the nonlinear settling, the incomplete
settling causes a nonlinear gain, since the gain of the integrator is dependent on the input
[Med94]. The effect of the integrator response due to settling error on the 2-1-1-1 cascade
modulator is illustrated in Fig. 3.18 through behavioral simulation. The most common
dynamic of an integrator is slew-rate limited during integration over the clock cycles. The

integrator response is not linear and distortion appears at the modulator output spectrum.

—ir— GBnorm=2

20 | = GBnorm=3 | | -

----------------------------------

PSD [dB]
&
o

Frequency [MHz]
Fig. 3.18 PSD of a 2-1-1-1 modulator considering the settling error due to finite GBW

and SR of the integrators (SR=nVeff GBW and V= 0.2V )

Note from Fig.3.18 that a 3" order harmonic component arises in all the spectra, due to the
non-linearity of the settling and the fully-differential implementation of the modulator. The
corresponding values for the harmonic distortion are HD3 =-83, -100, -111dB, which
correspond to GB™™ =2, 3, 4 in the integrators, respectively. Besides this, the 3™-order
harmonic component rapidly decreases when GBW increases, showing that full
performance can be achieved although the dominant integrator dynamic is partially slew-
rate limited.
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3.4.3.3 Impact on Sigma-Delta modulators

The required normalized gain-bandwidth GB can be reduced, if input levels of the
integrators are low. Fig. 3.17 and Fig. 3.18 show the historgram of the corresponding
integrator inputs of the cascade 2-1-1-1 [Rio00a] and the 5" order single-loop architecture

[Bal04], relative to the FS voltage, respectively.

First-Integrator Input Second-Integrator Input

0.016 0.014
0.014 0.012F o) ________________
0.012 N |
8 0.01 i
Q 0.008 }-----------f-- R
£ 0.008 g
3 0.008 -~ §--- e
§ 0.006 g
0.004 0.004 }---------f - B R
0.002 0.002p---------o----- ----------------
85 0 05 1
FS Voltage [V] FS FS Voltage [V] F$S

Fig. 3.19 Historgram of the first and second integrator inputs of the cascade 2-1-1-1
relative to the FS voltage

First Integrator Input Second Integrator Input
0.014 T 0.014 T
0.012 0.012F -y I
0.01 0.01}---mmmmeeee-

a [

S 3

g 0.008 18 0.008}---e--
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2 0.008 ) E— o T— )
0.004 0.004}---ceeeeeefienes O _
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-%.5 0 0.5 -%.5 0.5
Fs Voltage [V] F$ Fs Voltage [V] F$

Fig. 3.20 Historgram of respective integrator inputs of the 5™-order

single-loop architecture [Bal04] relative to the FS voltage
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Obviously, both Sigma-Delta modulators have a great occurrence operating mostly in the
non-linear settling region. Fig. 3.21 presents the achieble SNDR vs. the normalized GB
and OSR of the 2-1-1-1(4b) cascade [Rio00a] and the 5™-order single-loop [Bal04] Sigma-
Delta modulators. In order to avoid the performance degradation due to settling error, the
GBW of opamps should be 3 fs and 4 fs for the 5" order single-loop and the 2-1-1-1(4b)

cascade, respectively.

SNDR in dB

SNDR

10017
80—+

60 4

SNDR in dB

L5
1.5 2
OSR 4 05 normalized GB

(b)
Fig. 3.21 SNDR vs normalized GB and OSR of (a) the 2-1-1-1(4b) cascade [Rio00a],

and (b) the 5"-order single-loop Sigma-Delta modulator.

Note that the results of behavioral simulations are obtained by assuming that the slew rate

of opamps always follows the relationship of Eq. 3.4.24, where V=200 mV. The linear
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settling error can be interpreted as a gain error. Therefore, the impact of this error on the
Sigma-Delta modulators is similar to that mentioned in Sections 3.4.1 that the cascade
topologies are more sensitive to settling errors than single-loop Sigma-Delta modulators. It
is also shown that
e if the integrator dynamic along the clock cycles involves full-slew during
integration, the performance of the modulator will be completely degraded.
e if the integrator dynamic is in partial-slew, as long as the slew-rate is large enough
to offer sufficient time to the linear transient to settle within the desired accuracy,

the performance of the modulator will not be degraded.

3.4.4 Non-linearity of amplifier gain

8000

7500

7000

Opamp gain
(o]
a
(=]
o

6000

5500

5000 !
Opamp output

Fig. 3.22 the extracted open-loop gain curve of the gain-boosted amplifier with the

maximum value of 7700 in the center of the scale (o= 0.01, and b= 0.5)

Operational amplifiers are utilized to implement SC integrators. In reality, the gain of
opamps is not only finite but also nonlinear. The gain nonlinearity depends on the output

voltage and can be fitted with a second-order polynomial equation:
A(vy)= A1+ v, +bv,) 3.4.35
where a and b are the linear and quadratic voltage coefficient of the gain. Fig. 3.22 shows

the curve of the extracted open-loop gain of the gain-boosted amplifier. The gain presents a
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maximum value in the center of the scale and decreases as the output voltage approaches to
the end of the saturation region, where its maximal gain is 7700, first-order nonlinearity is

0.01, and second-order nonlinearity is 0.5.

The Fig. 3.23 shows the impact of the non-linear opamps on the second order Sigma-Delta
modulator at OSR of 64. The harmonics appear at the output, and have been obviously
attenuated at such a high OSR. However, if OSR is low in wideband applications, the

contribution of the non-linear opamps to harmonics is sufficiently high.

T T T

& HD3=95.4dB SNDR=71.3dB | |
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Fig. 3.23 Harmonics due to the non-linear opamps gain of the traditional second

order Sigma-Delta modulator at OSR of 64
3.5. Comparator related non-idealities

Ideally, a comparator can be described by:
Vin < Vref Vnut = V(mtf 35.1
Vin = Vrcf/ Vout = Vout+ 35.2
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Where Vinand Vout are the input and output voltages of the comparator, Vreris the reference
voltage for the comparison and Vout+ and Vou- are the positive and negative values of the

output respectively (mostly the digital supply voltages).

Two of the most important specifications for a comparator used in a Sigma-Delta

modulator are offset and hysteresis as illustrated in Fig. 3.24. These are discussed next.

Vouty | Vhys
rl—iI! +1
[} [ !
[ ]
H
]
[ ]
H
]
; Vin
. -
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H
]
[ ]
i
'
-1 ¥y
o
Vooff

Fig. 3.24 Transfer curve of a comparator with offset and hysteresis
3.5.1. Comparator offset

Since the description of an ideal comparator at a high level is just a comparison between
two values, one can easily add the comparator offset to the reference value. This simple

alteration suffices to use it at a behavioral level. Equations 3.5.1 and 3.5.2 now become:

Vin < Vref + qu/‘ V()ut = V{)ut— 35.3
Vin = qu/' + VQ{)” Vout = Vouz‘+ 3 5.4

3.5.2. Comparator hysteresis

Instead of comparing the input with one reference voltage one can use two reference
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voltages (plus or minus the hysteresis value) depending on the previous output value. This
requires a memory function. Again, this is trivial at a behavioral level. Equations (3.5.1)
and (3.5.2) now depend on the previous output value (Vout prev):

CASE 1: Vg _prev:Vout—

Vi< Vgt Vs ViV i 355

Viz V.tV Viie=V s 3.5.6
CASE 2: Vou prev=Vout

Vii<Vig=Vis Vi =V 3.5.7

Vi Vo=V i Vii=V s 358

3.5.3. Comparator offset and hysteresis combined

Finally, combining offset and hysteresis yields the following equations:

Vin < Vrg/' + Voﬁ - Sgn( Voutfprev) * Vhyx Vm” = Vumi 3 5.9
V[n > Vref + Vo[f - Sgn(Vour—prev) * Vhy: Vout = V014f+ 3 .5. 1 O

Because offsets and hysteresises in the comparator are suppressed by the large low-
frequency gain of the integrators, Sigma-delta A/D converters are insensitive to them
[Bos88]. Therefore, the simulation of their effect on the Sigma-Delta modulator is
neglected. In practice, excessive offsets and hysteresises should be avoided because of the

consequent reduction in the effective signal range in the integrators.

3.6. DAC nonlinearity

Out1

N r;v|"—r—r/|l/ > g

In1
Saturation Ideal DAC

gain

tanh(x)

off

Constant

Fig. 3.25. The DAC nonlinearity model in Simulink
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Multi-bit Sigma-Delta converters increase the SQNR, which is independent of the OSR.
Other advantages of multibit quantization include enhanced modulator stability as well as
relaxed slew-rate and settling requirements on the opamps of the loop-filter integrators.
The main problem of multi-bit quantization is the linearity of the digital-to-analog

converter (DAC) in the feedback path.

The DAC nonlinearity can be modeled in Simulink as illustrated in Fig. 3.25. [Cas03],
where an offset off, a gain vy, and an integral non-linearity INL are incorporated together

with an ideal D/A converter.

O.l SR 8 SREEHREIER 8 S
B INL=0' HD3=-117.8dB SNDR = 86 6dB
oobe i _LINL=0.01%HD3=90.1dB SNDR = 85 5dB
I INL=0.1%HD3=69 8dB _SNDR = 69 7dB
A0 pree et
) S —
e T
s _fi i
o 80
[72] ik i fi
[nl ik i fi f
A00fi--ooet i
20 fbeet
140 B s 1 : fireosdeedr b b
ool Y AT 18w =1.00000 MHz@ OSR=64
107 107" 10" 10'
Frequency [MHz]

Fig. 3.26 PSD of the second order modulator considering the non-linearity

of 4-bit DAC

Since this nonlinearity appears directly at the input of the modulator and, therefore, limits
its overall linearity. Fig. 3.26 shows the simulated spectrum of the traditional 4-bit second-
order Sigma-Delta modulator at OSR of 64, considering the non-linearity with INL of 0,
0.01% and 0.1%, respectively. The corresponding SNDR is degraded by the non-linearity
of the DAC; particularly, the harmonics appear considerately high at the output, if the non-
linearity of the DAC is high. If the OSR is decreased for wideband applications, the

requirement on the linear DAC is further increased; consequently, designing a sufficiently
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high linear DAC can be impossible and some auxiliary linearity techniques, such as laser
trimming, digital correction, dynamic element matching, etc., have to be utilized to relieve

the problem.

In a cascade Sigma-Delta modulator, if multi-bit quantization is exclusively used in the last
stage, the linearity requirements for the multi-bit DAC are relaxed, since DAC error is
filtered by high-pass filter and most of its power falls out of the band. The output of an
Lth-order N-stage cascade Sigma-Delta modulator with a multi-bit quantization only in the

last stage can be obtained through linear analysis in z-domain, [Med98a]
Y(2)=z"'X(2)+d,y 4 (1 ~-z" )L E\y(z)+d,, (1 -z )L_LN E,(z) 3.6.1

where Ep is the z-transform of the non-linearity error in the last-stage DAC. Such an error

presents a shaping of (L-Ly)th-order; i.e., the order of the overall modulator minus that of

the last stage. This means that the influence of the DAC non-linearity is attenuated inside

the band, and hence some non-linearity can be tolerated without correction/calibration.

From Eq. 3.6.1, the in-band error power for each of the cascades considered can be

expressed as follows [Rio04b],

2

P, ., ~d

2-2mb

62 72-—8_{_02 7[—4
?90SR° " 50SR°®

2

zd3

PQ 2-1-1mb

2 z* 2 7’
%0 50sr" TP 708k
3.6.2

10 8
LI 2
Pol, \ i = ds (JQ 110sR™ " 77 90SR9J

12 8
- 2 2 T 2 “
Pol, ;0 ~ d?(% 130sR" " 7 90SR9]

where GQ2 = [FS/(2B-1)]* /12 is the power of the last-stage quantization error ( FS stands

for the quantizer full scale and B for its resolution) and op® = [FS*INL/100]* /2 represents
the DAC-induced error power [Med99a], with INL being the DAC integral non-linearity
expressed in percentage of the full scale (%FS). Note that this error power is shaped by 2"-
order high-pass filter (OSR™) in the 2-2 modulator, whereas it is 3"-order shaped (OSR™)
in the 2-1-1 modulator, 4™-order it is attenuated by OSR”? in the 2-1-1-1 and the 2-2-2
cascades. The larger immunity of the latter modulators to DAC imperfections makes it

possible, to implement a calibration-free multi-bit Sigma-Delta modulator.
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3.7 Summary

In this chapter the main error mechanisms caused by different non-idealities of the analog
building blocks have been reviewed and discussed, and behavioral models and the

degradation of the performance of Sigma-Delta modulators have been presented.
The models and guidelines derived in this chapter will be extensively used during the

design phases of the two high-speed Sigma-Delta modulators presented in the following

chapters.
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Chapter 4 A 2-1-1-1(4b) Cascaded Wideband > A
Modulator in 3.3-V 0.4-um BICMOS

4.1 Introduction

The very high bit-rate digital subscriber line (VDSL) as a telecommunication standard has
been developed to support exceptionally high-bandwidth applications, such as high-
definition television (HDTV). The speed and channel adaptability of such an application
require that AD Converters are capable of achieving a resolution of 12-14 bit and a

conversion rates of more than 20 MS/s.

This chapter will demonstrate the implementation of a 13 bit Sigma-Delta modulator at a
sampling rate of 200 MHz with OSR of 10 in a 0.4um four-metal SiGe-BiCMOS process.
Firstly, the selected architecture is described. After that, the chapter will focus on study the
requirements and the implementation of the main analog building blocks in the BICMOS

process. Finally the experimental results will be reported.
4.2. Design Methodology

The top-down methodology [Med99b] is used for designing the targeted Sigma-Delta
.modulator. In this methodology, the specification of the AD converter is predefined, and
then designed the ADC step by step in more detail according the design flow, which
involving three linked design steps:

e Modulator architecture level

e Analog building block level

e Transistor level
At each level, detailed specifications were refined and translated into design parameters
using either equations, behavioral, or electrical models for the evaluation purposes and

statistical optimization routines for providing a ‘good-enough’ solutions. Therefore, the
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design parameters were obtained for the each level and served specification on the next

level down in the hierarchy.

4.3. Topology selection

In Sigma-Delta A/D converters, the resolution is predominately governed by three factors:
the oversampling ratio (OSR), the order of the noise shaping (L) and the internal quantizer
resolution (B). The sampling frequency of the Sigma-Delta modulator is ultimately limited
by the speed capability of the intended technology. A great deal of effort has been put into
using either high-order loop filtering (increasing the order L) or multibit quantization
(increasing the resolution of the quantizer B), or both in recent years, to design Sigma-
Delta modulators for high-frequency applications with a medium or high resolution —

typically 12 bits or more needed for telecom.

As mentioned in Chapter 2, higher-order Sigma-Delta modulators are not always stable. A
single-loop structure of an order higher than two can get stable by using a complex loop
filter with feedforward and feedback of the internal signals to reduce the out-of-band gain
[Sch93] [Ada97a], or by properly choosing the integrator scaling factors for the switched-
input and switched-feedback signals [OptE90] [Mar98b]. These feedforward and feedback
coefficients are very small. Therefore large capacitors have to be used, which lead to more
area, power consumption, and introduce heavy loads to the opamps in the converter, and
thus slow down the operational speed. Moreover, as shown in Section 2.3.3, stable high-
order single-loop Sigma-Delta modulators suffer from a considerable reduction of the
achievable DR in comparison with the corresponding theoretical one with the noise-
shaping of a power of (1 — z ). Whereas the cascaded multi-stage Sigma-Delta converters
based on the easily implemented stable first- or second-order Sigma-Delta modulators give
the possibility to realize an almost-theoretical higher order noise shaping
[Med99a][Ri004b]. In a cascaded Sigma-Delta modulator, there is no accumulation of
signals at the later stages. The succession of stages tends to randomize and decorrelate the
quantization error(s), such that the later stages are more closely approximated by the white
noise assumption. The strongly correlated quantization error from the first stage and the

error(s) from the later stage(s), except for the last one, are canceled by the digital
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cancellation logic. The transfer function of the converter can be simply expressed as the
input signal plus the shaped quantization error from the last stage [Sch97]. Behavioral
simulations reveal that there is no input signal component above the noise floor in the
quantization error(s) of the later stages. The disadvantage of the cascaded modulator
structure is that it requires a higher opamp gain and a better capacitor matching in order to

ensure proper noise cancellation.

Silicon germanium-based (SiGe) BiCMOS processes have recently become a viable
technology for the production of competitively-priced, superior-performance circuits. The
high transconductance of a bipolar device for a given current and area is higher than MOS
transistors. Therefore, it can be used to expand the open-loop gain and the unity-gain
bandwidth of opamps. Superior matching properties of devices (bipolar transistors and
capacitors) make the mismatch limitation also partially solvable by using the SiGe-
BiCMOS. In this scenario, a cascaded high-order Sigma-delta modulator was primarily

designed in the SiGe-BiCMOS, to obtain the desired high-resolution and high-speed.

The use of the cascade high-order modulation may not be enough to obtain a given
dynamic range. A direct solution to this problem is to increase the internal quantizer
resolution. However, the linearity of the multi-bit DAC in the feedback path of multi-bit
compromises that of the overall converter. Correction, calibration, or dynamic element
matching techniques can be included in multi-bit Sigma-Delta modulators, either in the
digital or in the analog domain, to attenuate its impact, but often at the cost of higher
circuit complexity and larger occupation area. This issue can be overcome with a multibit
quantizer only at the last stage of the cascade, as mentioned in section 3.6, keeping the
others single-bit [Bra91] [Tan93], where the D/A converter nonlinearity error of this last
stage is attenuated by a shaping function, provided by the cancellation logic, and filtered

out by the digital decimator.

The 5™-order 4-stage 2-1-1-1 cascade [Rio0Oa] and the 6"-order 3-stage 2-2-2 cascade
[Fel98] Sigma-Deltamodulators are considered as possible candidates. As shown in
Section 3.6, the error power of DAC integral non-linearity is attenuated by OSR™ in both

aforementioned structures. However, the scalar factor dyn.; in Eq. 3.6.2 required for the
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signal scaling to avoid signal premature overload equals the inverse of the product of the
inter-stage coupling factors. In general, this results in a value larger than unity, which
means an amplification of the last-stage quantization error, and thus generates a systematic
loss of resolution in comparison with the theoretical case. With proper selection of the
inter-stage couplings, the scaling factor can be reduced to only 2 for the cascade structure
shown in [Rio00a], whereas the scalar d equals to 8 for the 2-2-2 cascade modulator

[Fel98]. The former implies a 1-bit reduction in DR, whereas the latter leads to an 18-dB

(3-bit) reduction.
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Fig. 4.1 Cascade Sigma-Delta modulators versus the resolution in the last-stage
quantizer, (a) 2-1-1-1 Sigma-Delta modulator, (b) 2-2-2 Sigma-Delta modulator ADC

=4000, (C =0.12%, and DAC INL= 0.4%FS)

The other issue of cascade modulators is the sensitivity to noise leakage, which can
degrade the benefits of high-order filtering and multi-bit quantization. As shown in
Chapter 3, finite amplifier DC-gain and capacitor mismatch mainly contribute to the noise
leakage. Hence, the feasibility of the cascades depends on how demanding the
requirements for the DC-gain and capacitor matching are. Fig.4.1 shows the effective
resolution achieved by the cascade 2-1-1-1[Rio00a] and 2-2-2 [Fel98] Sigma-Delta
modulators as a function of the last-stage quantizer resolution and the oversampling ratio,
where a reasonable DC-gain of 4000, capacitor mismatch of 0.12%, and a DAC of INL of
0.4% FS have been taken into account [Rio04b]. Note that curves in Fig. 4.1 saturate in the
presence of non-idealities, leading to a practical useful limit for the loop order. In other
words, the 2-2-2 Sigma-Delta modulator employs one more integrator than the 2-1-1-1, but

the benefit from higher noise shaping is masked by its 3-bit systematic loss in dynamic
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range and its larger sensitivity to mismatch. Therefore, the best choice was considered to
be the 2-1-1-1 Sigma-Delta modulator. The fifth-order cascade 2-1-1-1 architecture
working with 4-bit quantization in the last stage can achieve the targeted resolution (13
bits) with only an OSR of 10 and still provides some margin. If the system’s sampling
frequency is as high as 200 MHz, then, the maximal conversion rates of 20 MS/s can be

achieved.

Fig.4.2 shows the block diagram of the selected 2-1-1-1 Sigma-Delta modulator. Table 4.1

shows the reported coefficients for the cascade Sigma-Delta modulator.

B-bit DAC * Cancellation Logic

Fig. 4.2 5"-order cascade 2-1-1-1Sigma-Delta modulator

gl | gl' |g2|g2'| g3 |g3 [g3" | gd| gd4' |gd4"|g5|gs' |gS"
025025/ 1 (051 [05[/05[1[05[05]|1/[05/05

Table 4.1 Coefficients for the 5™-order 2-1-1-1 cascade Sigma-Delta modulator

Therefore, the scale factor can be chosen:

d= E: =2 43.1
8.8.8,8.,8;
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It indicates a system loss of only 6dB.

4.4. Design technology

The stringent requirements on the analog building blocks represent a significant challenge
for a Sigma-Delta ADC. Switched-capacitor circuits are very robust and tolerant to clock
jitter compared to continuous time circuits, thus, the integrators are implemented with
switched-capacitor circuits. For the opamp in a switched-capacitor (SC) integrator, the
requirements for high speed are exactly opposite to those for high gain and low noise. It is
difficult to simultaneously achieve high open-loop gain, high speed, and low noise in a
CMOS process. The Sigma-Delta modulator described in this thesis has been implemented
in the low-cost 0.4-um SiGe-BiCMOS technology. In this section, the main devices and
corresponding features in the CDR1 SiGe-BiCMOS technology will be briefly introduced
[CDRO4].

4.4.1 GCMOS transistors

ILD1

N-Well
N+ Buried Layer
P-Substrate
GCHMOS GCPMOS

Fig. 4.3 Cross-sectional view of CMOS transistors in BIGCMOS process
The CMOS portion of the BICMOS technology is based on a graded-channel process. In
the GCMOS process flow three types of transistors can be obtained with a single masking
step: unilateral, bilateral, and natural. Unilateral devices are graded laterally from the
source end of the device. A cross-sectional view of MOS transistors in this technology is
shown in Fig. 4.3. The oxide thickness is 50 A and the CMOS gate is the second layer of

polysilicon. CMOS wells are created by chain implants and graded channels are formed by

-63 -



ion implantation. Each transistor can be isolated in its own well so that a high signal
isolation better than -80 dB at 1-GHz can be achieved. The main benefits of the graded-
channel process are avoiding short-channel effects and adjusting threshold voltages at the
same time. Consequently, this type of device achieves the highest DC and RF performance,
which is equivalent to the 0.25um CMOS technology. Therefore, they can be used for this
purpose only when drain-to-source voltage is low, i.e. the device is in the linear region of
operation. Bilateral devices are graded from both source and drain regions. The bilateral
device is required for switching applications where the source and drain terminals are used
interchangeably. Natural devices are formed when no GC mask is applied. These
transistors are near-depletion mode devices and are useful for their better matching and 1/f

noise characteristics [O1i02].

4.4.2 Enhanced SiGe:C (eHBT) transistors

80 10° ——rrrmm
s F 1V HBT { 7 ]
7010° O avHeT [T o ]
F 1V eHBT ]
60 10° || =2y eHBT
r 1V eHBT_3p5sv
50 10° L 2V eHBT_3p5V
N o F ; ; ’
T 4010° [ oo
30 107 [ porese e e -
20 109 :_................5..................:.... 4
Rl e e &
casi
0 100 Ll L
10° 10°

1, (A)

Figure 4.4 Typical fr vs. Ic comparing the eHBT, eHBT 3p5V, and HBT devices for a
0.3x10um2 1 emitter HBT with temperature = 27°C

The enhanced SiGe:C HBT transistors are designed for higher fr/fyax (80GHz/ 120GHz),
lower noise figure, lower collector resistance and a 2.5V BVCEO. The minimum emitter
window size for the eHBT device is scaled to 0.3x0.8um?, while the emitter poly enclosure

of emitter window is reduced for improved base resistance (and noise figure). Additionally,
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a higher breakdown-voltage enhanced HBT device (¢éHBT 3p5V) is also available. In the
eHBT 3p5V device, peak fr/fyax performance (56GHz/115GHz) is balanced with lower
collector-base capacitance, high Early voltage, along with a low noise figure, low collector
resistance, a 3.6V Bycpo and 85V V4. Layout rules for the eHBT 3p5V device are
identical to the eHBT device: the minimum emitter window size is 0.3x0.8um2, while the
emitter poly enclosure of emitter window is also reduced from that of the HBT device.
Figure 4.4 shows a comparison of fT for the eHBT, eHBT 3p5V and standard HBT

devices for a 0.3x10pm’ with a 1 emitter layout.

4.4.3 Passives

A complete suite of passive elements are offered in this technology. Brief descriptions are

provided below.

4.4.3.1 Capacitors

A 4 fF/um® high-density Double-Poly Capacitor (DPC) is available with a Nitride-Oxide
(NO) dielectric. The addition of one implant mask provides good-linearity for the high-
precision analog applications. A 1.6 fF/um” low-parasitic, high-linearity Metal-Insulator-
Metal (MIM) capacitor is available and formed by placing a thin nitride layer between the
last two metal layers in the process. The MIM capacitor requires one additional lithography

masking step.

4.4.3.2 Resistors

Several resistors are available in this technology with sheet resistances from 3.5 ohms/sq to
1.5k ohms/sq for the purpose of RF/IF mixed signal design. Diffused and polysilicon
resistors are offered with both positive and negative temperature-coefficients depending on
the resistor type. Additionally, the RPSD and RP2PSD resistors, and the PMOS devices
have substantially improved matching and 1/f noise performances on the enhanced HBT

process.
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4.4.3.3 Inductors

Spiral inductors can be constructed using the existing AlCu metal system. These inductors
will not have high Q due to the limitations imposed by the CMOS logic MLM module. An
alternative thick (4um) AICu metallization is available for such usage as inductors,
transmission-lines and interconnect routing at the 4™ metal layer in the CDR1-BiCMOS
process. This alternative thick metallization is available in place of an optional thin-AlCu
M4 layer. This thick-AICu M4ALT and the thin-AICu M4 cannot be used on the same
design. In the M4ALT option, a standard, thin, 0.6um AICu is replaced by a thicker 4um
AlCu layer. The via and ILD processing below the thicker MAALT do not change, but
design rules require an increase in minimum M4ALT W, S, and enclosure of the via.
However, other via rules remain the same as used for VIA1-VIA2. As a result, a separate
VIA3ALT design layer is defined for the usage with the thick-AlCu M4ALT. The standard
VIA3 design layer is reserved for the usage with the optional thin-AlCu M4.

4.5. Switched-Capacitor implementation

This section will describe the switched-capacitor implementation of the proposed four-

stage fifth-order Sigma-Delta modulator by properly using the BICMOS technology.

4.5.1. Fully differential implementation

A fully differential implementation is selected to implement the converter. It offers a net
increase of 3 dB in the signal-to-noise ratio, compared with the single-ended
implementation. Moreover, in this implementation, the noise immunity is higher and the
charge/clock feedthrough cancels better. Finally, in a differential implementation, the
operational transconductance amplifiers (OTA’s) have better settling characteristics, since

the differential to single-ended conversion is avoided.

The schematic of the fully differential SC 2-1-1-1 Sigma-Deltamodulator is shown in Fig.
4.5 [Rio04a]. The first stage of the cascade consists of two SC integrators and a comparator

Since there is only a single input branch, the signal gain g; and feedback gain g;’ are
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Fig. 4.5 The fully differential SC 2-1-1-1 Sigma-Delta modulator
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identical in the front-end integrator and equal to C11/C12. Whereas the second integrator
has two input branches, it realizes the different weights: g2=(C13+C14)/C15,
g2°’=C14/C15. The second stage uses an integrator with also two input branches, where
three weights are implemented for this integrator: g3=(C21+C22)/C23, g3’=C21/C23,
g37=C22/C23, which are distributed between the two branches in order to save area . The
same applies for the third and fourth integrators. At the back-end of the former stages
except the last one the 1-bit comparator with a double reference (Vr, -Vr) is used. The
integrator in the last stage drives a 4-bit ADC and the 4™ stage loop is closed with a 4-bit
DAC. The output code of the ADC is converted into binary code by using a ROM. The
analog version of that signal is fed back to the integrator using the sampling capacitors in
the integration phase. Due to this capacitor sharing, the number of white noise sources is
reduced, and consequently, the capacitor and OTA sizes can be scaled down by a factor of
two, reducing the power consumption and die area. Furthermore, due to this sharing, the
capacitive feedback factor is increased, reducing the integrators’ capacitive load and
moving the dominant pole of the closed-loop to a higher frequency. The modulator
operation is controlled by two non-overlapping clock phases, ¢1 and ¢2. The integrator
input signals are sampled during phase ¢1 and then integrated together with the
corresponding feedback signals during phase ¢2. The comparators and the ADC are
activated at the end of ¢2 (using % as a strobe) to avoid any possible interference of the
integrator’s transient response at the beginning of sampling. In order to attenuate the
signal-dependent charge injection [Lee85], delayed versions of the two phases are provided

(¢1d and ¢2d). Note that, to avoid kickback noise, the input for every comparator is
sampled on a 125-fF capacitor [Aug98].

4.5.2 Specifications for the building blocks

The second step of the modulator design is to estimate the requirements on the building
blocks, such as amplifiers, capacitors, switches, comparators and multi-bit quantizers in the
SC implementation. For this task, the non-ideality behavior models of the modulator
operation, as mentioned in Chapter 3, have been compiled into the proposed 2-1-1-1 (4bit)

Sigma-Delta modulator by using the tool Matlab and Simulink. The performance of the
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modulator as a function of each parameter was derived. The results obtained are presented

next.

4.5.2.1 Sampling capacitors sizing

The actual capacitor values depend only on KT/C thermal noise considerations. The total

input-referred white noise power Ny, of the proposed converter, as shown in Fig. 4.5 is

given by
N o~ KT/C, +7z_2KT/(C13 +C,,) +7z_“1<T/(c21 +Cy)
w OSR 3 OSR* 5 OSR’® 451
+7T_6KT/(C31 +C32)+7T_8KT/(C41 +C4z)
7 OSR’ 9 OSR®

Equation (4.5.1) shows that the main contribution to the converter noise comes from the
first integrator. Furthermore, it shows that all integrators can be progressively scaled down,
without a negligible increase of the overall converter noise [Fel98] [Aug98]. Note that the
sampling capacitors have to been chosen to be bigger, as the OSR is low. In order to
simplify the design, the sampling capacitor of the first integrator is chosen considerable big
that provides a noise floor low enough for 14-b resolution. In this case, the impact of the
KT/C noises from the other SC-integrators can be neglected. This sets the lowest limit for
capacitor value C11 as

12KT 12KT

> = 452
"7 LSB*OSR ~ (v,s*/2*" Josr
Sampling Capacitors Integration Capacitors
First stage C11=2.5 C13=1 C14=1 C12=10 C15=2
Second stage C21=0.5 C22=0.5 C23=1
Third stage C31=0.5 C32=0.5 C33=1
Fourth stage C41=0.5 C42=0.5 C43=0.5

TABLE 4.2 CAPACITOR SIZES

where k is Boltzmann’s constant, T is 300 K, N is the number of bits 14 and Vs the full
scale voltage 2-volt. The capacitor value required for 14-bit resolution is 2.5 pF. All
subsequent capacitors are scaled down due to the decreased noise contribution in the input.

Table 4.2 shows the used capacitor values (the smallest unit capacitor is 0.125 pF).

- 69 -



4.5.2.2 Effect of the finite opamp gain

The finite gain of an integrator introduces simultaneously a gain and a pole error in the
integrator transfer function. These errors are especially important in the first and second
integrators of the first stage, which create noise leakage at low frequencies that is not
canceled by the digital noise cancellation network. Therefore, the finite gain of an
integrator can significantly degrade the converter performance. Fig. 4.6 shows the
simulated SNDR as a function of the opamp gain when the amplitude of input signal is
close to overloaded. To ensure that the degradation is smaller than 3 dB, the gain has to be
higher than 2000. The final 3 dB can only be recovered at the expense of a large increase in
gain. Therefore, to have a very small performance reduction and to provide some margin
for other non-ideal effects, the design was made for a significantly higher gain, by

resorting to an opamp structure with a gain of at least 80 dB (10000).

8 ; | | !
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Fig. 4.6. SNDR as function of the opamp gain
4.5.2.3 Effect of the capacitor mismatch

The capacitor mismatch introduces a gain error in the integrator transfer function. It creates
the noise leakage that is not canceled by the digital noise cancellation network. Therefore,
the capacitor mismatch degrades the converter performance as shown in Fig. 4.7, in which
the SNDR is simulated as a function of the capacitor deviation c.. In order to avoid the
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obvious degradation of the performance (<3dB), the capacitor variation should be smaller

than about 0.4%.

SNDR [dB]

plibidb i i o
107 10™ 10

Capacitor mismatch

Fig. 4.7. SNDR as function of the capacitor mismatch

SNDR [dB]
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Normalized OTA GBW -GBW/fs
Fig. 4.8. SNDR as function of the opamp GBW

4.5.2.4. Effect of the finite opamp gain-bandwidth-product

The finite gain-bandwidth-product of opamp also introduces a gain and a pole error on the
integrator transfer function as described in Chapter 3. Fig. 4.8 presents the behavioral

simulation results of the proposed converter as a function of the finite gain-bandwidth-
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product. Hence, the closed-loop pole has to be greater than 4 times the sampling frequency,
to have a good performance. Considering providing some margin for other effects, the
dominant closed loop pole was pushed to a higher frequency of about 850 MHz, for a clock
frequency of 200 MHz.
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Fig. 4.9. SNR as function of opamp slew-rate.
4.5.2.5. Effect of the finite opamp slew rate

The finite opamp slew rate combined with the finite closed-loop pole can introduce a
significant degradation in the overall transfer function of an integrator [San87]. If the
switch resistance is assumed to be zero, then at the beginning of the integration phase,
there is an instantaneous charge redistribution that immediately feeds forward the sampled
voltage, causing the opamp to slew. Fig. 4.9 presents the results of the behavioral
simulations of the overall converter as a function of the finite opamp slew rate, for an
opamp gain of 80 dB and a closed-loop pole of 900 MHz. Hence the slew-rate should obey
SR>4fV., 452

With a 1-V reference, this means that the opamp slew rate should be higher than
approximately 800 V/ us. This slew rate specification is quite large and could imply that an
unreasonably large overdrive voltage should be used for the input transistors, if only MOS

transistors are used.
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4.5.2.6. Effect of the non-linearity of the multi-bit DAC
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Fig. 4.10. SNR as function of the DAC INL

The proposed 2-1-1-1 cascade modulator has a 4-bit quantizer in the last stage, since it has
better immunity to DAC imperfections, Therefore, it makes it possible to exploit a
calibration-free multi-bit Sigma-Delta modulator. The DAC-induced error power can be
represented with INL being the DAC integral non-linearity expressed in percentage of the
full scale (%FS):
op” = [FS*INL]* /2 453

This error power is 4™-order high-pass shaped (OSR™) in the 2-1-1-1[Med99a]. Fig. 4.10
shows the simulated SNDR as a function of the DAC INL. To ensure that the degradation
is smaller than 3 dB, the INL should be smaller than 0.4%.

4.6. Design of the building blocks

This section will describe the circuit blocks on the experimental prototype chip. Details of

the operational amplifier design such as common-mode feedback and biasing will be
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discussed. Various auxiliary circuits such as comparator, bandgap, clock generator and

output buffer will be described.

4.6.1 Operational amplifiers

The high-speed high-accuracy cascade Sigma-Delta A/D converters demand high open-
loop gain opamps in the first stage, in order to suppress the non-linearity error and noise;
on the other hand the broad unity-gain frequency are demanded, in order to reach the
desired accuracy within settling time. It is difficult to simultaneously achieve both in a
CMOS process. Therefore, the operational amplifiers in the first stage of the modulator are
designed by using the BiCMOS technology. The rest operational amplifiers, which are
used in the sequent stages of the designed cascade Sigma-Delta A/D converter, can be
progressively scaled down, since their contributions of the in-band noise leakage from the
third, fourth and fifth integrators due to the finite DC-gain are proportional to OSR”,
OSR™ and OSR™"! | respectively. Therefore, they are designed by using only PMOS and

NMOS transistors. This section describes the design of the two operational amplifiers.

4.6.1.1 BiCMOS operational amplifier

For the opamps in the first stage, due to its good frequency characteristics, as well as its
especially enhanced slew-rate, a fully differential folded cascode opamp is selected
[Lac94]. The modified BiCMOS opamp is depicted in Fig. 4.11. The MOS pair as the
input offers infinite input impedance to the switched capacity and avoids the current
leakage even if the transistor switchs off. Large PMOS instead of NMOS input transistors
are used to keep the flicker noise low. Due to lower transconductance of MOS transistors,
the traditional use of MOS transistors is replaced by the NPN bipolar transistors Q¢ and Q7
in the main opamp. Therefore, the second poles, occurring at the emitters of Qs and Q, are
shifted to high frequencies due to the large transconductance and small parasitic of the
bipolar transistors. As a result, the dominant pole and the unity-gain-bandwidth (UGBW)
of the amplifier can be designed higher than the configuration of pure MOS transistors,
with the same phase margin. In addition, the high transconductance together with high

early voltage of the NPN bipolar transistors (V,=90V) offers over two orders higher a
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magnitude of the output impedance than PMOS transistors, which effectively increase the
output impedance of the cascade bipolar NPN and NMOS. Therefore, the gain-boosting
stage [Bul90] is only needed for the cascade of the PMOS side to increase the
corresponding output impedance, hence simplifying the circuit and resulting in additional

power saving.

2mA ZmA

Fig. 4.11. BiCMOS Operational Amplifier

The gain-boosting amplifier is shown in the right half of Fig. 4.11. It is designed in the
folded-cascode topology. Compared with a common source amplifier, folded-cascode gain
stages provide higher DC gain with a high input swing. The cost for this enhancement,
however, is a small increase in power and area. The gain-boosting amplifier operates at
1/10 of the main amplifier’s bias current. Neither the frequency nor the settling
characteristics are impaired [F1a96]. Thus, the DC gain of the overall operational amplifier

is in the order of (gmr0)4, boosted above 90 dB.

In a fully-differential amplifier, a common-mode feedback is needed to define the DC
voltages at the high impedance output nodes. A dynamic (switched-capacitor) common-

mode feedback is selected because it does not dissipate additional power.

Figure 4.12 illustrates the switched-capacitor CMFB circuit [Gra01] adopted for the main
gain stage, where ®1 and ®2 are non-overlapping phases. The common-mode feedback
uses capacitors Cp; and Cyp to sense the output common-mode voltage. Since the

integrator is active on both clock phases, switched capacitors Ccy and Cemp are used to
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define the appropriate dc voltage on the sense capacitors. Vewmo 1s the desired output
common-mode voltage, and vins cm 1S a bias voltage formed by a diode-connected transistor
with a current source to create the proper replica bias current. Minimum size devices are

used for the CMOS switches (Msl-MsS8), and Cp2 and Cemiz are 20fF and 4fF,

respectively.
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Fig. 4.12. Switched-capacitor CMFB circuit
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Fig. 4.13. opamp AC characteristics

Simulations show that the CMFB loop has a phase margin of 72°. The nominal output

common-mode voltage VCMO is 1.8 V for this implementation.
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With a current consumption of 4.4 mA, of which 4 mA are spent in the main amplifer and
the rest in the regulating amplifers. The implemented OTA has gm=16 mS, I;3=2 mA, and
Iyi=1 mA. The extracted equivalent load capacitor is about 3 pF. The slew-rate and the

closed-loop unity-gain frequency can be expressed as:

1, +1
SR="w 0 1000 ¥/ us 4.6.1
L
fu =722 ~850 MH:z 4.6.2
21C,

Fig. 4.13 illustrates the AC simulation result that GBW is about 846 MHz, maximal DC-
gain is about 93.54 dB and phase margin is about 79.86 °.
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=L k-
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Fig. 4.14 Schematic of the rest opamps.
4.6.1.2. CMOS operational amplifier

As aforementioned that the input-referred noises are decreased by the high-order filters
character in the Sigma-Delta modulator. Therefore, the opamps can be scaled down as the
sampling capacitors. The relative scaling of the OTA’s is 1:1:0.2:0.2:0.2. Therefore, the

opamps in the success stages are designed in CMOS.

The fully differential folded cascode opamp is designed as shown in Fig. 4.14. It is biased

at one fifth the current of the previous one, without the gain enhancement. The achieved
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maximal DC-gain is 60 dB; phase margin 70°; output swing of the opamp is = 4 V (full-
differential); and the maximum GBW 800 MHz with a 3.3V supply voltage. The opamp
uses a continuous-time common mode feedback, which is advantageous for the transistor

sizes used in these designs [Bur98].

4.6.2 Comparators

Comparators are the other most important analog components in Sigma-Delta ADCs. The
function of a comparator is to compare the applied input signal voltage with a reference
voltage. Then, the signal is further amplified to the digital logic level for subsequent

processing.

4.6.2.1 Single-bit comparator

Vi

M4 gm3n2

M3 gmd.vi

vl
gmz.v1

M1

Fig. 4.15 The basic regeneration latch comparator and its corresponding model

In the cascaded 2-1-1-1 Sigma-delta A/D converter, the single-bit quantizers at the end of
the first, second and third stages of the modulator demand only a low resolution.
Moreover, Sigma-Delta A/D converters are insensitive to comparator offset and hysteresis
[Rio04b]. However, the maximum comparison time can be designed at 1.25 ns —a quarter

of the worst-case clock period. For this reason, the latched comparator is preferred.

The basic CMOS regenerative latch can be simplified as shown in Fig 4.15a. It consists of

a n-channel flip-flop and a p-channel flip-flop in a positive feedback loop. It can be
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modeled by its small signal equivalent circuit shown in Fig. 4.15.b [K1a96] [Haj98]. There

exist the following functions for v, and v,

dy, G, . G
=" 4 =" =0 463
dt C VI C Vz

W, G Gu 4.6.4
dt c” c "

where C represents the total parasitic capacitance on regenerative nodes, and

Gnlzgml+gm3:gn12+gm4 46.5
G02g01+g03:g02+go4 4.6.6

where gmi=gm and gm3 =gma represent the transconductance of the NMOS and PMOS
devices at the beginning of the operation, respectively; g,1=g.2, and g,3=go4 are the output
conductances of the NMOS and PMOS devices. This pair of equations can be decoupled,

defining the following variables:
Vag =V~ V, 4.6.7

_Vitv2
cm T 2

4.6.8

During the sensing period, the major interest is the differential voltage which is governed

by

Bug  Go=Cm 4.69
dt C v

This equation has the following solution

t/t

Vg (1) =(0)e 4.6.10
where

TzLEQ 4.6.11
Gm_GO gm

The time required for the output to reach a minimum acceptable voltage difference, Vi 1s

given by = r.ln@ [K1a96].

init

Fig.4.16 shows the architecture employed for the implementation of comparators [ Yuk85].

The CMOS latch is composed of a NMOS flip-flop (M3, M4 ) with a pair of n-channel
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transfer gates (M9, M10 ) for strobing, and a p-channel flip-flop (M5, M6 ) with a pair of
p-channel precharge transistors (M7, M8). Additionally, a differential NMOS pair (M1 and
M2) is employed as the input. The opration of the comparator is controlled by the
clock: Pri2. When ppi2 is low, the comparator is in the reset mode. In this mode, a voltage
proportional to the input voltage difference is established between nodes X1 and X2. In the
same time, M9 and M10 are opening, which isolate the input and output.The p-channel
flip-flop is reset by the two closed precharge transistors M7 and M8, which charge nodes a
and b to the positive power supply voltage. As a result, the outputs of the inverters are
forced to the low state and the previous two logic state voltages at output are unchanged by
an SR flip-flop, which is depicted in Fig.4.16b. When ppi2 is high, the comparator is in the
regeneration mode. In this mode, the n-channel flip-flop, together with the p-channel flip-
flop, regenerates the voltage differences at X1 and X2. The voltage difference is soon
amplified to a voltage swing nearly equal to the power supply voltages. The following S-R
latch is driven to full complementary digital outputs. The electrical simulation shows that

the comparator is suitable to the high-speed one-bit application.

<

(b)

Fig. 4.16 Comparator implementation: (a) Regenerative latch, (b) SR latch.

4.6.2.2. 4-bit comparator

With respect to the 4-bit flash A/D converter in the last-stage, the dynamic comparator
based on a regenerative latch with a pre-amplifying stage is applied. Fig.4.17 shows the
architecture employed for the implementation of comparators [Yin92]. It includes a PMOS

input differential-pair, a CMOS regenerative latch stage, and a SR latch. The CMOS latch
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is composed of a n-channel flip-flop (M3, M4 ) with a pair of n-channel transfer gates (M5,
M 6 ) for strobing, a n-channel switch (M11) for resetting, and a p-channel flip-flop (M8,
M9 ) with a pair of p-channel precharge transistors (M7, M10). The comparator is
controlled by two non-overlapping clocks: Phil and Phi2.

(= |

M3 M4 o

(a) ()

Fig. 4.17 Comparator: (a) Pre-amplifier and regenerative latch, (b) SR latch.

v
Phi2 Phil Phi2 Phil
33 |+ 1 1
Reset E;generaﬁm‘ Reset E{:generaﬂm'
I i I o
0 ;i : : o
to t t2 tats ts t

Fig. 4.18. Time relation between Phil, Phi2

The dynamic operation of this circuit is divided into a reset time interval (to-t;) and a
regeneration time interval (t,-t3), as shown in Fig. 4.18. When Phi2 is high, the comparator
is in the reset mode. Current flows through the closed resetting switch M 11, which forces
the note voltages at X1 and X2 to be equalized; the n-channel flip-flop is reset. In the
meantime, the p-channel one is also reset by the two closed precharge transistors (M7 and
M10), which charge nodes ¢ and d to the positive power supply voltage. As a result, the
outputs of the inverters are forced to the low state and the previous two logic state voltages

at output are kept unchanged by an SR flip-flop, which is depicted in Fig.4.17h. When both
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Phi2 and Phil are low (t;-t;), the M5 and M6 isolate the still precharged p- channel flip-
flop and the n-channel flip-flop. At the same time, the PMOS input differential-pair
performs the voltage-to-current conversion and a voltage proportional to the input voltage
difference is established between nodes X1 and X2. This voltage will act as the initial
imbalance for the following regeneration time interval, when the clock Phi2 is low, Phil is
high. The n-channel flip-flop, together with the p-channel flip-flop, regenerates the voltage
differences between nodes X/ and X2 and between nodes ¢ and d. The voltage difference
between node ¢ and node d is soon amplified to a voltage swing nearly equal to the power
supply voltages. The following S-R latch is driven to full complementary digital output
levels at the end of the regenerative mode and remains in the previous state in the reset
mode. There is no slew-rate problem in the regenerative period because the p-channel flip-

flop is used instead of two class-A current sources.

In this design, the IB is 60uA that is enough for the 200MHz sample application. Monte
Carlo and corner analysis have been used to characterize the comparator after full sizing.

Table 4.3 summarizes its worst-case performance.

Hysteresis 120 uV
Offset 6.3 mV
Power consumption 1 mW

TABLE 4.3 Worst-case electrical simulation results for the comparator

4.6.3. Band gap

The bandgap voltage reference is often used to create the bias reference voltages in an
analog-to-digital converter. Ideally, this block will supply a fixed dc voltage of known

amplitude that does not change with temperature.
Figure 4.19 shows the complete schematic diagram of the designed bandgap reference

circuit. It consists of the basic bandgap cell, start up circuit, and output buffer. The band

gap circuit is based on cancelling the negative temperature dependence of a pn junction (or
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base-emitter junction) with positive temperature dependence of a proportional to the

absolute temperature (PTAT) [Joh97].

M7

__M8
Q10
Qs Q9
] Vout
Q1
R5 Ra
S0ui S0ui S0ud  S0ua 400uA 200uA
Start Up Bandgap reference Core Output Buffer

Fig. 4.19 the complete schematic diagram of bandgap reference

The basic bandgap cell consists of Os, Os, R3, Ry and Rs in the figure. The reference
voltage V,.ris the sum of the Vpz of Qs and the temperature -dependent voltage across Ry.
The base-emitter voltage (Vpg) of a bipolar transistor Qs has a negative temperature
coefficient. The transistors Qs and are biased with different current densities by choosing
the emitter area of Qs larger than that of Qs by a ratio of 8-to-1. Therefore, the difference
of the base-emitter voltage Qs and Qs (AVsE) is proportional to the absolute temperature

(PTAT).

Since the current in Rs is equal to the current in Ry, and the voltage across R, is given by

kT 4.6.12
VR4=&AVBE=&7 H(JSJ
Rs Rs 9 \Js
the created reference voltage is given by
kT 4.6.13
Vrer ZVBE+&7 IH(JSJ
Rs g \Js
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Now, this reference voltage can be set by adjusting R4/Rs, to a temperature-independent

value.

In order to determine the resistor ratio, the equation is differentiated with regard to the
temperature, and it is obtained:

aVref:aVBELR4kln(JS] 4.6.14
or oI Rsq \Js

For the constant /c, Vg has approximately a -1.31mV /°K temperature dependence at 50°C,
as the illustrated point A in Fig. 4.20. Therefore, the resistor ratio R4/RS5 is set to about 7,
which results in an approximately 1.31mV /°K temperature dependence at 50°C, as the

illustrated point B in Fig. 4.20, exactly to compensate the negative temperature coefficient

of VBE-

= dWBE/T ~+ Kd{dVBE)/idT

-135]

-140 T
=100 =500

0 50.0 100 150 -100 -500 0 50.0 100 150
Tarmparature (C) Termperature (S)

Fig. 4.20 Temperature dependence of Vg and KAVgg
The bandgap circuit has two stable operation points: the desired one and the other, where
the current is zero. To ensure that the circuit always ends up, even when the base voltage of
QS5 and Q6 is zero, a startup circuit is included. There, the resistor R1 is used to produce a
current, therefore, the collector-base connected transistor Q1 is always on. A transistor, Q2,
is incorporated into the circuit to provide starting. The transistor insures that a
minimum current flows into the cascode PMOS pair of M1 and M2, even when the base
voltage of Q5 and Q6 is zero. This current is “reflected” by the cascade current mirror M3
and M4 to drive Q7 and turn on the circuit. Once the circuit is on, the collector current of
Q7 becomes nearly equal to the current in Q4. Moreover, the emitter current of Q7 is split

to provide Q5 and Q6 with equal collector currents.

-84 -



The voltage provided by the band gap reference is generated by a resistor, and thus it is not
suitable for supplying a switched capacitor load without buffering. The generated reference
voltage is buffered with the unity gain buffer. The schematic of the buffer is shown on the
right side of Figure 4.20. It is an amplifier, which consists of a differential pair (Q8 and
Q9), a cascode current mirror load (M5-M8), and an emitter follower (Q6 and R6)
connected in unity gain feedback. The current sources are cascoded to increase the output

current accuracy.

Fig. 4.21 (a) shows the simulated output voltage of the proposed bandgap circuit as a
function of temperature. The output voltage is equal to the target voltage 1.124 V at 50C,
and the peak-to-peak variation is 8 mV in the temperature range from -100 °C to 150 °C.
The power dissipation of this bandgap circuit is approximately 3 mW from a 3.3-V supply.
The temperature dependence of Vref is demonstrated in Fig.4.21 (b). The temperature
coefficient of this bandgap voltage reference is less than £100 ppm/°C.

=-/raf = d\raffdl
1125 180
125-]
1123
1004
1,122 5.
s F 5004
E 1.12] [
= g 250
1.115 o,
-250
1117
-50.07
1115 =TE.[ T T T T
-100 -500 i} B0 100 180 ~10n -50.0 Q 8500 100 150
Tamparatura [G) Tempersatura (C)
(@) (b)

Fig. 4.21 a)Output voltage versus temperature

b)Temperature dependency of output voltage

4.6.4. Bias

The high-swing cascode bias [Lab87] [Abo99], as shown in Fig. 4.22, is used for the
prototype chip. A master biasing current source is created through the band-gap voltage, as
mentioned before, incorporating the cascade of diode-connected PMOS devices. The
functions of the NMOS side in the circuit are described as following, and the PMOS

version is similar.
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Fig. 4.22 Bias circuit

To bias common-source devices whose drain is connected to the source of a cascode
device, such as the NMOS devices M4 and M5 in Fig. 4.22, a configuration such as M29
and M35 is used to generate the gate bias voltage on the PMOS side. M29 is essentially a
diode-connected device except that M28 mimics the cascode device so that the drain-to-
source voltage of in-circuit device (M4, M5) and the bias device (M29) are approximately
equal. This eliminates the first order mismatch due to finite output impedance (Early
effect). To bias the cascode devices, Q6 and Q7, a stack of devices driven by a current
source was used, such as M30 and M31. This scheme provides a high-swing cascode bias
[Lab87] [Lin91]. M31 operates in the triode region, M30 is a diode-connected device
operating in the saturation region, and M24 and M26 acts as a current source. M31 is sized
to create a Vs that is sufficient to keep Q6 and Q7 in the linear region. M28 and M30 have
the same current density as Q6 and Q7, therefore Vg3 = V30 = Vies. Furthermore to
ensure that all devices are operating in saturation under all conditions, Vgs > Vgsat + 200
mV is required. At the output of the opamp a single-ended swing of 1V was chosen. From
these specifications, the (Vg - Vy) values of all PMOS devices were chosen to be 200mV
and of all NMOS devices to be 150mV. The current levels in the bias circuits were chosen

to be 400 uA.
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4.6.5. Switch

An effective way to reduce on-resistance of the switch and to extend its linear range is to
employ a voltage higher (in the case of nMOS) than the supply with a charge pump to

control the switch transistor gate.
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Fig. 4.23 Bootstrapped NMOS switch

The bootstraped single NMOS switch with a local charge pump circuit is shown in Figure
4.23 [Abo99]. It operates on a single phase clock clk that turns the switch MS on and off.
When clk is low, clk is high, the gate of MS is grounded through the device M5 and M6,
and the switch is cutoff. At the same time, the capacitor C1 is charged to Vpp by M2 and
M3. M4 and M1 isolate the switch from C1 while it is charging. When Phi goes high, M8
pulls down the gate of M4, allowing charge from the battery capacitor C1 to flow onto the
gate G. This turns on both M4 and M11. M1 enables the gate G to track the input voltage S
shifted by Vpp, keeping the gate-source voltage constant independent of the input signal.

In figure 4.23, device M5 is simply used to improve the circuit reliability by reducing the
Vs and Vg of device M6 when clk = 1. Therefore, the channel length of M7 can be
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increased to further improve its punchthrough voltage. The device M9 is used to ensure
that Vg4 does not exceed Vpp. M10, M11, C2, and C3 form a clock multiplier that enables
M3 to charge C3 during the off phase.

Figure 4.24 shows the output waveforms of the bootstrap switch. The gate voltage of the
switch transistor V, is boosted to Vppt+V;, where V; is the analog input signal and Vpp is
the supply voltage. Therefore, a fixed difference of Vpp is applied for gate-source voltage
of the switch during the on-phase of the switch. As a result, this switch has the advantage
that the transistor gate-source (or gate-drain) voltage may not exceed the nominal supply
voltage. It satisfies the condition of technology reliability and ensures the switch a long
lifetime operation. Besides reliability, another advantage of this circuit is that a low on-
resistance may be established from drain to source, which is independent of the input
signal, since the gate-source voltage is constant. Therefore, a major source of nonlinearity

is greatly attenuated.
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Fig 4.24 Waveform of Bootstrapped NMOS switch

In practice, the gate-source (or gate-drain) voltage is somewhat lower because of parasitic
capacitances associated with the switch transistor and the auxiliary switches. Note that the
parasitic capacitances may cause some distortion. In order to minimize the attenuation of
the gate voltage and distortion, the parasitic capacitances have to be minimized and the

bootstrapping capacitor C1 has to be made large.
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4.6.6 Clock generator

Switched-capacitor circuits require the generation of two-phase non-overlapping clocks
with delayed clocks to reduce the signal-dependent charge injection. The clock generator
for producing non-overlapping clock signals can be realized with a simple circuit
constructed with logic gates. Such a circuit is shown in Fig. 4.25 [Abo99]. An external
50% duty-cycle reference clock drives the input CLKIN. The falling edge of the input
clock passes immediately through the NANDI, whileas the rising edge passes through the
NAND?2, until the passed clock from the NANDI through the cascaded delay element
feedbacks to the input of the NAND?2. The duration of the dependent phases is a function
of the propagation delays of the various gates in the clock generator. By adjusting these
delays, the designer can allocate the time spent in each of the phases. The resulted non-
overlapping signals Phil and Phi2 have a non-overlapping time equal to the sum of the
delays at the NAND gate and the delay element. The delay element is usually realized with
an even-numbered chain of inverters. The NAND3 and NAND4 delay clock signals Phild
and Phi2d.

'D"_D'DP'“I Phild

NADNI _D_ Phil —| >0

D_DQ._DO_ Phild
}1— Delay DO—T

CLKIN }—DO—D-I:I

NADN3
NAND4 Phi2d

))J- Delay } D D
NAND2 D O Phi2 —D—],!h:l_ll 7
D ° D Uem

Fig. 4.25 Clock generator

In the prototype, the non-overlapping clock signals and their inverted phases are buffered

and routed across the chip for respective applications. Figure 4.26 shows the clock
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waveforms.
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Fig. 4.26 Clock waveforms

The main advantage of this circuit is its simplicity. At least a part of the buffering of output
signals can be included in the delay elements, making the circuit quite robust. On the other
hand, the input clock is required to be close to 50% duty cycle since the non-overlapping

clock signals are generated inherited from the input clock.

4.6.7. 4-bit A/D/A converter

The last-stage quantizer is implemented by means of a A/D/A converter with 4-bit
quantization. The SC implementation of the 4-bit A/D/A converter is illustrated in Fig.4.27.
A/D converter.

The A/D converter uses a fully-differential flash architecture [Lewis87] [Bran91b] and
compares the differential input voltage v;", v/, (Sth-integrator output) with reference
voltages v, v, generated in a resistive-ladder DAC. During ¢, references v, v, are

stored in the input capacitors, which are then used to compute the difference (v,-+— Vi) —(vf—
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v, ) during ¢,. At the end of ¢, comparators are activated to solve the sign of that

difference. The thermometer output code of the 15 comparators is then translated to a code

using AND gates.
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Fig.4.27. 4-bit A/D/A converter: (a) Block diagram, (b) Partial view of the SC

implementation.

The D/A converter consists of a simple resistor ladder. The ladder consists of 30 unit
resistors of value 50 Q connected between reference voltages Vr™ and Vr.. The resistor
ladder provides the reference voltages for the operation of the ADC, and generates the
analog output of the overall A/D/A converter, through the selection of the voltages
generated in the ladder by the 1-16 output code of the ADC (dy.15) [Rio04a].
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4.6.8 Output buffers

Supply and ground noises occur when variable currents are injected into the supply and
ground. As is known from digital circuits, state changing can cause big digital noise. Thus,
in this design the target is to minimize digital noise-coupling into the substrate as well as
through the bond wires by using a constant bias current. The buffer utilized is shown in
Figure 4.28; it mainly consists of NMOS switch-pairs (M4-M7) and a differential low gain
amplifier. The differential pair (M2 and M3) is controlled by differential digital input by
switching constant reference voltages appropriately through NMOS switches. The output
of the amplifier drives digital signals on chip to a 400 ohm load resistor, to obtain an
800mV peak-to-peak digital signal. Therefore, a constant current is maintained into the
substrate through transistor M1 that is independent of the digital output. The differential
signal further provides first-order cancellation of the noise power induced in the bond

wires, when the signal comes off chip.

Mowo Vier

A9 Vl'ef i

"'-"rin_
Fig. 4.28 Output buffer

4.7. Layout and prototype
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An analog to digital converter prototype was designed, laid out, and fabricated in a 0.4 n
SiGeBiCMOS technology. The analog-to-digital converter regarding the desired high-
resolution is highly sensitive to process variations so that it demands much more layout
precautions to minimize interference such as crosstalk, mismatching, noise, etc. Therefore,
it is necessary to use the complicated and time consuming full-custom layout for this high-

precision analog layout. The layout strategy is summarized as follows:

A. Matching layout

Matching layout is important for analog circuits to achieve a high electrical performance.
Matching of transistors and routing are also important for digital circuits because of skew
in memories. In order to layout matching circuits to avoid mismatching problems, the
following rules of matching are complied for layout of a ratio of two devices (i.e.,

transistors, capacitors or resistors) [Joh97]:

e Prefer to use parallel/series connection with the unit cells rather than varying W or
L to take out AW and AL effects.

e Prefer to place relative devices by using common-centroid or nearly common-
centroid layout to take out oxide and doping gradients.

e Prefer to use dummy devices at the ends of the row to improve matching by making
the edge effects similar [McN94] [McC81] [Shy84].

e For creating current sources from a nominal current, the override-voltage V-Vt
should be kept above 200mV for a good matching! Since V1 mismatch has a larger

effect at low bias levels.
e For creating current sources from a nominal current, the current should not be too
big for a good matching! Since § mismatch dominates at high currents.

e Prefer to make clean and well balanced routing

B. Noise Coupling into Signals
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Noise can couple into signals through neighboring wires and substrate, where the

performance can be dramatically degraded. In order to avoid the performance degradation,

the following rules of matching are complied:

With full-differential design, it is important to minimize the noise coupling, since
any noise that appears on both components of a differential signal as a common-
mode signal can be compensated by the common-mode rejection of the subsequent
circuits

Physical separation of noisy signals from sensitive ones reduces the direct
capacitive coupling, but does not help with substrate coupling in epi-silicon. Well
and diffusion guard rings do not help that much, because they only penetrate the
first few microns of the substrate, which is hundreds of microns deep. Shielding is
an useful technique. As shown in Fig.4.29, shielding signal with whatever gnd or

vdd, can keep the signal away from the noise sources.

Ground M4

Signal Signal

Ground N-well

Fig.4.29 illustration of shielding for the signal path

One helpful trick is to put a floating well under clock busses. The well provides
some measure of isolation by placing a series capacitor in the noise path. Since
both the well and the substrate are lightly doped, the capacitance per unit area is
low. However, the paracsitic capacitance accumulates along the wire being so much
well, that the total amount of capacitance is still somewhat large.

The separation of digital and analog blocks at considerable distance helps to

attenuate the switching noise injected to analog devices.
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When a signal crosses one of the differential signals, it is better to make it cross the
other one too. Always route differential signals together. Generally, it is desirable
to use a high metal layer to carry signals to reduce the noise coupling and to

minimize the loading.

C. Noise coupling in biases

Noise can also couple into bias nodes through neighboring wires. An epitaxial substrate

can be viewed as a single node connecting all transistors to each other. Therefore, even if

there are no wires to carry the noise, the noise can go through the substrate from one end of

a chip to the other! In order to avoid the performance degradation, the following rules of

matching are complied:

For bias nodes, prefer to use decoupling capacitors to reduce the amplitude of noise
coupling. Note that the decoupling capacitors have to been traded off between the
recovery-speed and bounce amplitude. Low decoupling capacitor causes in fast
recovery but big bounce; high capacitor causes in a small bounce but slow recovery.
Separate analog and digital power supplies should be used, to reduce the amount of
noise on the power supplies of sensitive circuits. Among them, analog power
supply is employed in the analog blocks, digital power supply is used in the
modulator digital blocks: clock phase generator, SR latches, 4-bit ROM, digital
buffers, etc.

Also, heavily bypassing the analog and digital supplies with capacitors is useful.
Note that if the series resistance of the capacitors is too high, the benefits can be
compensated at high frequencies.

Ringing on the supplies is sure to be disastrous for most designs.

D. ESD protection and considerations

The technology's shallow junctions, thin gate oxides, small feature size and salicided

implant regions, makes it highly susceptible to ESD induced damage. Pads with ESD

protection are used for signals that are driving transistor gates (clk and amplifier bias

-905 -



currents etc.); whereas no protections are used for differential input voltage and references
of the modulator. The modulator digital outputs and the digital power supply also use pads
with no ESD protection. Since no biasing is required for these pads, they have been placed

outside the pad ring.

In spite of the limited effectiveness of these common strategies, they have been
incorporated in the prototype of the 2(1b)-1-1-1(4b) dual-quantization Sigma-Delta
modulator. The die photo of the prototype is shown in Fig. 4.30, which was designed in a
0.4 um SiGeBiCMOS process provided by Freescale for a 3.3V power supply. The
prototype occupies an area of 3.1um X 3.1 um (pads included) and has been packaged in a
44-pin ceramic quad flat pack.
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Fig. 4.30 Prototype of the Sigma-Delta modulator

4.8. Experimental simulation results
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The software package used for the design is Design Framework-II from Cadence. The
circuits are first described and simulated at schematic level, using Analog Artist and
Spectre. After confirmation of the required performance, the layout for each block is drawn
and compared with the schematic for errors. The digital blocks are described only at the
schematic level. The operation is verified with digital simulation tool such as Verilog-XL.

The layout for these blocks is then automatically generated by a Place-&-Route tool.

Topology 2-1-1-1
Dual-quantization 1bit/4bit
Oversampling ratio 10
Modulator
Clock frequency 200 MHz
Supply voltage 3.3V
Clock jiter 0.5 ps
Sampling capacitor 2.5 pF
Unit capacitor 0.125 pF
Front-End Integrator
Capacitor standard deviation 0.12%
Bottom paracitic capacitor 20%
Open-loop DC-gain 80 dB
Gain-bandwidth product (2.5pF) 850 MHz
Amplifier Slew-rate (2,5 pF) 800V/uS
Differental output swing +-2V
DC-gain non-linearity 20%
Hysteresis 20 mV
Comparator Offset +-10mV
Resolution time 1ns
Resolution 4 bit
AD/DA
DAC INL 0.4%FS

TABLE 4.4. Modulator design specifications

Additionlly, the proposed cascade 2(1b) -1(1b)-1(1b)-1(4b) Sigma-Delta modulator was
simulated with Matlab to evaluate its dynamic performance. Main considerations made for
the circuit-level modulator specifications are summarized in Table 4.4. Five groups of
specifications are enclosed: modulator, front-end integrator, amplifier, comparator, and

A/D/A converter. In this procedure, the worst-case performance has been evaluated in the
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presence of variations in the process (for instance, changes in device parameters),

temperature, and supply.

In the following simulations, a 1.5 MHz sine-wave signal with amplitude of -5dBFS was
applied, the sample frequency was 200 MHz for a targeted 10 MHz bandwidth. The output
spectra were computed with a 16384 point FFT.
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Fig. 4.31 The output spectra of the proposed 2-1-1-1(4b) with circuit non-idealities
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Fig. 4.32 SNDRyvs input power obtained through behavioral simulation

-08 -



The resulting output signal spectrum is shown in Fig. 4.31. The proposed modulator
achieves 71.2 dB SNDR, 79.8 dB peak SFDR. Fig.4.32 shows the SNDR vs. the input
level obtained through behavioral simulation. According to the behavioral simulation result,
the modulator achieves approximately peak SNDR 72.6dB with the input amplitude of -4
dBFS. The respective dynamic range is 78.3dB (13bit).At this speed, the total power
dissipation at 200-MHz clock rate is 140 mW from a 3.3 V supply, from which 95.3 mW
(70%) are consumed in the analog blocks, 11.2 mW (6%) in the digital section and (24%)
in the digital output buffers. The corresponding value of the figures-of-merit defined in

Equations (1.1) and (1.2), respectively, approximates to 7*10'" Hz/W.

4.9 Conclusions and summary

Since the performance targeted for the Sigma-Deltamodulator here was over 13-bit
effective resolution at the clock rate of 200MHz, the oversampling ratio should be as small
as possible. It suggested the use of high-order cascade multi-bit Sigma-Deltamodulator
topologies, because the cascade high-order shaping could be obtained without significant

loss of performance.

This chapter has presented the design of the prototype chip in a 0.4 um BiCMOS. The
analytical expressions for the requirements on the circuit-specifications have been derived.
It shows that that the performance of the proposed Sigma-Delta modulator is limited by the
two amplifiers in the first stage, where not only high DC gain, but also high gain-
bandwidth-product and slew-rate were needed. A folded cascade opamp structure with
CMOS and bipolar transistors has been proposed to achieve the desired performance. Also,
the using BICMOS process has met with the requirement of the accurate reference voltage
in band gap. The other circuits have been designed in CMOS to save the power
consumption. The electrical simulation result shows that the proposed converter achieves a
dynamic range is of 78.3dB (13bit) with an oversampling ratio of only 10 at 10 MHz
Nyquist output rate. At this speed, the total power dissipation is 140 mW from a 3.3 V. As
shown in Fig. 1.1 the overall features of the prototype ADC are clearly better than what
can be obtained in cascade Sigma-Delta modulators [Fel98] [Fuj00] [V1eO1] [Rio02]
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[Rio04a] [Jin04], and compare well with the state of the art, in spite of the slight increase
in power dissipation due to the desired high-performance analog circuit blocks in

comparison with the high-order single-loop modulator reported in [Bal04].
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Chapter 5 High-Performance Wideband Cascade
Sigma-Delta Modulators

5.1 Introduction

In the future HD-televisons and communication systems, high dynamic-range and high
conversion rate ADCs are endlessly desired to meet with the evolution of the high-
performance, low-cost and high-integration systems. We have seen that the proposed
BiCMOS integrator has superior settling behavior over regular switched-capacitor
integrators. However, it consumes much more power in order to implement the opamps
with high DC-gain and high-gain-bandwidth-product in the BICMOS process. With the
repect to lower cost, smaller chip size, and lower power dissipation, the development of
high performance ADCs in the mainstream CMOS prosess is expected. However, in the
modern low-cost CMOS technology, due to poor analog performances, the implementation
of high performance analog building bocks, especially the high DC-gain and high
bandwidth opamp is difficult to be achieved. Therefore, the high conversion rate associated
with achieving a high resolution by using poor analog perforemance, digital-oriented
submicron CMOS process is a critical challenge in the ADC design. In this chapter, two
Sigma-delta modulator architectures that potentially facilitate the implementation of high-
resolution wideband Sigma-Delta ADCs in digital oriented deep-submicron CMOS

technologies will be analyzed and discussed.
5.2 Background

In this section, I will introduce and discuss the low distortion Sigma-Delta modulator
architecture with STF=1 [Ste99] [Sil01], the single-stage multibit Sigma-Delta modulator
architecture with a high-order finite-impulse-response NTF [HamO04], and several
linearization techniques for DACs. These techniques are potentially served for the design

of the high-speed high resolution Sigma-Delta modulators in sub-micron CMOS processes.
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5.2.1 Low-distortion Sigma-Delta topologies

As described in section 3.4, if the desired signals are processed by integrators based on
nonlinear opamps, distortion signals will be introduced at integrator outputs. Although
inherent high-pass filtering function of the modulator attenuates these nonlinear effects, but

it is not sufficient for wideband signals when OSR is low.

DIA [t

Fig. 5.1 The 2""-order low-distortion Sigma-Deltamodulator

Figure 5.1 shows the low distortion second-order Sigma-Delta modulator topology
proposed in [Ste99] [Sil01]. The loop filter H(z) is an integrator, whose transfer function in

the z-domain is

-1

H(z)= 5.2.1

-1
4

In this way, it is obtained:

E(z)=X(2)-Y(2)

Y (2) = (X (2) - Y(2))H(2)

Yi,(z) = Yi,(2)H(z) = (X (2) - Y(2))H*(2) 522

Y(z) = X(z2)+2Yi(2)+Yi,(2) + Q,(2)

= X(2)+2(X(2) - Y(2))H (2) + (X (2) - Y(2))H*(2) + O(2)

Reforming the equation 5.2.2, the modulator output yields

Y(z2) = X(2)STF(z) + Q(z)NTF
1+2H(z)+H2(z)+ 1 523

=X oo N e o

Therefore, the signal transfer function is:
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Y(z) 1+2H(z)+ H*(2) 1

STF(z) = = = 5.2.4
X(z) 1+2H(z)+H"(2)
and the noise transfer function is :
NTF(z) = Y _ ! = ! _=(1-"p 525
O(z) 1+2H(z)+H"(2) z! z7
1+2 -+ -
1-z 1-z

The noise transfer function is the same as for a conventional Sigma-Delta modulator, but
not the signal transfer function, where STF is equal to 1. Since no input signal is processed
by the integrators, no input signal harmonics due to the non-linear opamp can be generated

for this kind of design [Ben93], [Ste99] [ Sil01].

In order to intuitively compare the performance differences between the traditional and the
low-distortion second order Sigma-Delta modulator topology, corresponding spectra
simulations were made. Figure 5.2 shows the simulated spectra of the conventional
topology; Figure 5.3 shows the spectra of the low-distortion topology. To keep the
comparison fair, the coefficients in the low-distortion topology were adjusted so that its
integrator outputs have voltage swings similar to those of the conventional topology,
therefore using similar nonlinear ranges. The opamps with nonlinearity are assumed as in
section 3.5. Unlike the conventional topology, the low-distortion topology does not show
any input signal components at the integrator outputs, y;; and y;,. It shows only shaped
quantization noise. Consequently, the spectra of the integrator outputs y;; y;» and output y

contain no harmonics [Sil01].

The fact that no signal is processed by the integrators means that the output swing of the
opamps is not limited by the input signal amplitude. Therefore, the maximum input
amplitude can now be as large as the output saturation voltage. In contrast, traditional
Sigma-Delta modulators whose signal path goes through H(z) are typically designed for a
maximum input amplitude between 0.25-0.5 of the output saturation voltage to avoid
saturating the opamps [Nor96]. Consequently, the integrator coefficients ¢; and ¢, -
implemented as sampling-to-integrating capacitor ratios (Cs/C)) - can be as large as 1 that
is larger than those of a conventional topology. The maximized input amplitude allows

minimizing the input sampling capacitor, which is constrained by kT/C noise
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Fig. 5.3 Spectra of the 2"%-order low-distortion Sigma-
considerations in each integrator; and the corresponding integrating capacitor can be as

small as the sampling capacitor. Hence, the total capacitive load is low, which is



particularly effective in maximizing integrator bandwidth.
5.2.2 High-order Sigma-Delta topologies with improved FIR NTFs

The theoretical achievable signal-to-quantization noise ratios of Sigma-Delta modulators
with pure FIR filter characteristics can be increased by replacing two zeros at dc with one
pair of complex-conjugate zeros in the NTF. The corresponding NTF for L>2 becomes
[HamO3]:

NTF(Z)=(1-7 )2 (-85 +5) 596
where 6=2cos(2(fy/fs)), fo and fs are the notch frequency and the sampling frequency,
respectively. The optimal placement of the notch frequency is at approximately:

fo =L =3)/2L-1)f,, 527
This corresponds to a factor of (L-0.5)° improvement in SQNR compared to the case, in

which all zeros of the NTF are at DC. (For example, with L=4, f,=0.845fp results in an
11-dB SQNR improvement relative to fy=0 [HamO04]. This technique can be realized by

using a much simpler circuit implementation as shown in Fig. 5.4, where [=1/(1-z"') . The
feedforward coefficients a; (i = 3; . . . ; L) needed to realize the FIR NTF in (5.2.6) are
given in Table 5.1.

L a3 a4 a5
3 d+1

4 2 and 2z-1 5+2

5 5 5 d+3

TABLE 5.1. FEEDFORWARD COEFFICIENTS a; (i = 3;...; L) NEEDED TO
REALIZE THE LTH-ORDER (L > 3) FIR NTF IN (Eq. 5.2.6) [Ham04].

For L = 4, path a3 consists of two parallel paths: a non-delaying path with coefficient 2
and a delaying path with coefficient 2z”. In order to verify that the generic Sigma-Delta
modulator that realizes the improved FIR NTF, an analysis on the third-order Sigma-Delta

modulator, whose schematic is shown in Figure 5.5, is performed as follows:
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Fig. 5.4. Sigma-Delta modulator of order L (L >3) with improved FIR NTF

Q

Figure 5.5. The corresponding third-order Sigma-Delta modulator

Firstly, the input of the first integrator is:
E(z)=X(2)-Y(2) 5.2.8

the respective outputs of the integrators are:

-1

LE=XE-Y@) 5.2.9

1@ =52 - o)

5.2.10

-1
z

1-z7

= ((X(z) -Y(2)) z'-(2-5)Y, (Z)J

1-z7

V()= ()" + a2 —
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-1

- _(2_5)x3(z)J =
|

-1

{[(X(Z)_Y(z)) z +(6+1)(X<z)—Y<z>)leJ11
1 1-z 1-z

5.2.11
Rreforming the Eq. 5.2.11, it is obtained:
1-&'+z7% 1
Yi}(z)( - -2 1)
~(x(2)- Y(z))[ j e - Y @)
—zM1-z
=(X(2)- Y(z))( j +(3+1) X (2)-Y(2))= ( ])
I- (1-=")
(X(Z) Y(z)) (Z +(5+lz]—5+l )
(-2 )
B (5+1)! —(5+1)z‘2) 5912

1@ =(re @) () ey

The output of the modulator is:
S (S +1) —(5+1)22)

Y(z)= X(2)+Yi,(2) + Q,(2) = X (2) + (X (2) - Y (2)) (Z ( —(z_l s tso) +0(2)

(z’3 + (6 +1)z7" —(5-4—1)272) B (z’3 + (6 +1)7" —(5+1)272)
Y(Z)[1+ (1—271X1—5271 +272) =A@ (1—271X1—5271 +272) +0@)
The modulator output yields

1
Y(z)=X(2)+0(=) - (2’3 +(@+1)2" (5 + 1)272)
(1—271X1—5271 +272)
B (l—z’IXI—é'z" +272)
- X@r0E (l— z™! Xl—éz’l + 272)+ (273 + (5+1)Zfl _(5+1)272)

(l -z Xl -0z + z’z)

=X(@)+ Q(Z)l—é'zf1 vzl 4 -z 4z ()2 = (14 5)27
:)((Z)+Q(z)(1—z’IXI—é'z’l +z’2)

5.2.13

since Y (z) = X (2)STF(z)+ Q(z)NTF
Therefore, the signal transfer function is:

STF(z)=LZ)=1 5.2.14

X(2)

and the noise transfer function is :

NTF (z) = Y'(z) =(1—Z’1X1—5Z’1 +z’2) 5.2.15

0(z)

- 107 -



Hence, as expected, this structure realizes a Sigm-Delta modulator with an STF=1, at the
same time, it realizes a single-stage Sigm-Delta modulator with a high-order finite-

impulse-response NTF in Eq. 5.2.6 with L=3.

Figure 5.6 shows the spectrum of the 3rd-order low-distortion topology with the improved
NTF. Unlike the conventional topologies, this topology demonstrates higher attenuation of
the quantization noise at the in-band high-frequencies due to the deep notch. The SQNR is
improved about 6 dB in comparison with the theoretical 3rd-order modulator with all zeros
at DC [HamO4]. Indeed, the key advantages of the topology include: higher signal-to-
quantization-noise ratios at low OSRs, decreased circuit complexity, improved robustness
to modulator coefficient variations, reduced sensitivity to integrator nonlinearities, and

reduced power dissipation [HamO04].
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Fig. 5.6 Spectrum of the 3"-order low-distortion Sigma-Delta modulator with
improved NTF
In order to preserve the stability of the Sigma-delta modulator in an actual implementation,
it 1s necessary to ensure that the peak outputs of the integrators are within the boundaries
dictated by the opamp saturation voltages (i.e., perform dynamic-range scaling) and the
multi-bit quanzizer is not overloaded at any time. With STF=1, the out-of-band spectral
components are reduced due to the lack of input signal in the integrators of the loop-filter,

therefore the stability of the Sigma-Delta modulator is improved. If the quantizer overload
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ratio Ao is defined as the ratio between the maximum amplitude of the input sine-wave
signal and the quantizer’s reference voltage (full-scale range/2), a sufficient condition to
guarantee that the quantizer will never be overload, [Ken88] [Ken93], can be stated as

-2

A, <
OL 23_1

5.2.16

where B is the bit number of the quantizer, ||ntf]|; is the 1-norm of the impulse sequence
ntf(n) for the noise transfer function NTF(z) . For the L”-order FIR NTF in Eq. 5.2.6 it

exists

], = Yolnef o) = 2+ 52" 5217
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Fig. 5.7. Stable boundary under consideration of the input amplitude and the number

of quantization bits for various orders with improved FIR NTF

According to the sufficient stability condition, the stable regions (under each boundary) are
illustrated in Fig.5.7 for various Lth-order A modulators, where the maximum amplitude
ratio V;,/V,r between the input signal V;, and the quantizer’s reference voltage V., and the
number of quantization bits were incorporated together with respect to stability. For the
order higher than the third, extreme large numbers of the quantization bits are required to

achieve reasonable input amplitude in a stable system. For example, a 5"-order this type
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Sigma-Delta modulator needs a 6-bit internal quantizer to avoid that the ratio V;,/V,.s gets

too small (<0.5).[Yin04]

5.2.3 Linearization techniques on multibit DAC

The improvement of SQNR by means of increasing the loop-order diminishes significantly
as the OSR is reduced. In contrast, the effectiveness of increasing the number of
quantization bits is independent of the OSR. Other advantages of multibit quantization
include enhanced Sigma-Delta stability as well as relaxed slew-rate and settling
requirement on opamps of the loop-filter integrators. However, the linearity of a multi-bit
Sigma-Delta is limited by its multi-bit feedback D/A converter (DAC), because errors due
to nonidealities in the feedback DAC add directly to the input signal. Therefore, the errors
are not shaped by the loop and linearization techniques are required to correct for the
mismatch errors in the DAC elements. Rather than using special fabrication processes or
laser trimmed components to improve the DAC element matching, two signal-processing
strategies have been developed to enhance the linearity of multibit modulators due to DAC
element mismatch: 1) calibration/correction using analog [Groed89], [Mo0099], digital
[Pet00], or mixed-mode [KisOl] schemes and 2) dynamic element matching (DEM)
[Sch97], [Welz01]. A combination of DEM and digital correction has also been proposed
in [Wan0O1] and [Wan02].

Background calibration schemes are more expensive to implement in terms of system
design complexity, hardware requirement, and power consumption in comparison with
DEM techniques. DEM techniques have been proven very useful in improving the linearity
of multi-bit D/A converter in Sigma-Delta modulators. It averages out DAC errors
dynamically by properly choosing elements in the DAC. Various algorithms have been
proposed. The conventional approach is random averaging (RNA) [Carl89], [Fat93], which
randomly shuffles the DAC elements sequence and converts DAC error into a white noise.
But this approach degrades signal-to-noise ratio (SNR). Individual level averaging [Che95]
has firstly been proposed as a way of noise-shaping the noise resulting from distortions due

to element mismatch. Data weighted averaging (DWA) [Bai95] and data directed
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scrambling [Kwa96], which have the noise shaping characteristics, are very useful and
efficient in shaping DAC errors because they take advantage of the oversampling feature

which already exists in the modulator.

In high-speed modulators, the complexity of the DEM algorithm becomes a concern
because the delay introduced by the DEM selection logic in the feedback loop can limit the
maximum achievable clock speed of the modulator. In this aspect, DWA [Bai95] is a
highly practical DEM technique to implement, especially when the number of DAC

elements is large.
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Fig. 5.8. Illustration of the rotational element-selection process of DWA

The basic DWA for a 3-bit DAC is illustrated in Fig. 5.8(a) (b). The block diagram Fig. 5.8
(a) shows the needed hardware: an integrator is used to create pointer R that shows the
point of first unused unit element. The code is converted to thermometer code, and a
logarithmic shifter is used to move the origin of the thermometer code to the new position.
The algorithm cycles through the DAC elements by sequentially selecting the elements
based upon the input data. Fig. 5.8 (b) shows the DAC starting at element 0. The initial
input of 4 will select elements 0, 1, 2 and 3. The second input 2 will select elements 4 and
5. The next input will beginn with the next available unused element; sequentially select
the DAC unit elements from the DAC array. The cycling through the elements ensures that
all the elements are used once before an identical single element is repeated, thus summing

their errors (deviations from the average current) to zero as quickly as possible.

Through such rotational element-selection process, DWA achieves first-order high-pass
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shaping of the DAC mismatch errors [Sch97] [Nys96]. However, when a periodic signal is
applied to the DAC, making a complete rotation (with the index pointer returning to its
exact starting point) every M/r clock cycles, where M is the DAC-elements, and r is the
greatest common divisor of the Ypac and M. As a result, the DAC mismatch noise will be
a periodic sequence of period MTs/r (where Ts=1/fs), and its power spectrum will take the
form of tones at frequencies [Che99] [Ham04]
S =k—f. k=12,
M 5.2.18

Thus, in general, for an M-element DAC, the lowest tone frequency can be at f,/M with
DWA. If the maximum possible input frequency to the modulator is fpw=£/(20SR) , then
the constraint that the £” harmonic of the modulator’s input signal does not fall back into

the signal bandwidth after being modulated by the DWA tone at f,/M requires that [Che98]
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Fig. 5.9. Illustration of the tones behavior of DWA

As shown in Fig. 5.9, on the oneside, DWA technique produces harmonic tones that
degrade the SFDR, on the other side, the harmonic distortion has been turned into white
noise, part of the noise energy falls inside the passband, and the overall SNR is reduced.
The tone problem of DWA can preclude using DWA at a low OSR, especially when the

number of DAC elements (quantization bits) is large [Bai95], [Che98].
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A number of techniques have been proposed to reduce the tone behavior of DWA, by
means of using an extra modification to DWA to break the cyclic nature of the element-
selection process. These techniques can be classified into four categories: 1) Dithering
[Bai95]; 2) Incremental DWA (IDWA) [Kuo02], [Che99]; 3) DWA with multiple data-
directed index pointers, as in Bi-Directional DWA (Bi-DWA) [Fuj00] and Partitioned
DWA (P-DWA) [Vle01]; 4) DWA with randomized index pointer, as in Rotated DWA
(RDWA) [Mil03], [Rad00], Randomized DWA (RnDWA) [Par03], [Vad00], and Pseudo
DWA [Ham04], [HamO02a].

DAC Linearization Peak SNDR (dB)
Ideal DAC 92.8
No DWA 60.4
DWA [Bai95] 90.9
Pseudo DWA [Ham02a] 89.9
P- DWA [Ham02a] 89.7
Bi-DAW [Fu;00] 85.8
RnDWA [Par03] 83.2
IDWA [Kuo02] 82.0

TABLE 5.2 ACHIEVABLE PEAK SNDR USING VARIOUS DWA SCHEMES IN A
THIRD-ORDER SIGMA-DELTA MODULATOR WITH OSR =16, B =5 BITS,
AND M= 31 ELEMENTS. A RANDOM DAC-ELEMENT MISMATCH OF 0.5% IS
ASSUMED. (INPUT SIGNAL: -2 dBFS AT {s/2048)

A summary description of these techniques is presented in [HamO04]. Table 5.2 compares

the peak SNDR when using the above techniques for DWA tone reduction.

Fig. 5.10 shows the maximum in-band tone relative to the average tone power [Ham04].
Compared to DWA, using Pseudo DWA,

P-DWA, and RnDWA (with an ideal implementation) achieve reductions of about 15, 16,
and 18 dB in the maximum in-band tone, respectively. Note that, in general, the in-band
DWA tones cannot completely eliminated by a modified DWA technique, to achieve a
smooth DAC noise floor over all input signal levels, unless a perfectly random component

is introduced in the DAC element-selection process (for example, in an ideal
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implementation of a randomized DWA technique). However, assuming a 0.5% DAC-
element mismatch is present in the ADC described above; behavioral simulations show
that the largest in-band toner with P-DWA or Pseudo DWA is well below the level of the
noise floor of the ADC. Thus, such in-band tone will not be visible in the ADC output

spectrum and will not degrade its performance.

Max. Inband Tone (dB)

1 L i I L L Y
-%O =70 -60  -50 -40 -30 -20 -10 0
Input Signal Level (dBFS)

Fig. 5.10. Maximum in-band tone versus input signal levels when using: — DWA ;

* Pseudo DWA; 0 P-DWA; + RnDWA with an ideal implementation [Ham04]

5.3 Proposed wideband Sigma-Delta modulators

5.3.1 Introduction

As desired signal conversion rate increases, integrator defective settling is becoming one of
the bottlenecks in the present wideband SC Sigma-Delta modulator designs. The settling
error in SC Sigma-Delta modulators is caused by GBW and SR of amplifiers [Med94]

In this section, two Sigma-Delta modulators are introduced. Firstly, a low distortion
cascade multibit Sigma-Delta A/D modulator architecture is proposed to achieve better
performances at low oversampling ratio. The modulator is based on the theoretical point of
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view of the settling error due to finite gain-bandwidth product (GBW) and slew-rate (SR)
of opamps in SC Sigma-Delta A/D modulators, as shown in section 3.4.3. The proposed
architecture combines the merits of the cascaded Sigma-Delta modulator structure, the low
distortion structure, and multibit quantization, and relaxes the GBW requirement of
opamps as low as twice of the sampling frequency f;, much lower than the 3-4-times fs in
other Sigma-Delta modulator implementations [Mar98][Rio00a][Rio00b]. Another
advantage of the proposed modulator is that it is insensitive to circuit non-idealities. The
second proposal is a low distortion cascade multibit Sigma-Delta A/D modulator
architecture with improved NTF, which achieves extra high attenuation of the quantization
noises at high frequencies by replacing two zeros at DC with one pair complex-conjugate
ones. Therefore, the modulator architecture achieves high SQNR even better than
theoretical value. Both proposed architectures significantly relax the circuit requirements;
and reduce the power dissipation. As a result, it is very suitable for realizing high

resolution broadband ADCs as well as for low-power design as IC technologies advance.

5.3.2 Low distortion cascade architecture

5.3.2.1 Proposed architecture

In section 3.4.3, it has been derived that the ratio between the SR and GBW of the opamps
can be approximated to a constant by means of a single-pole opamp. With respect to saving
power and maximizing the conversion rate, the most essential issue in the design of ADC’s
becomes to reduce the normalized GB requirment as much as possible, whereas the
resolution of the converter is not deteriorated. It means, when the signal bandwidth is fixed,
fs is also fixed, and the reduced requirement on the opamp GBW results in a smaller Igjas,
and thus smaller power consumption; on the other hand, when the opamp GBW is fixed
due to technology limitation, a higher fs can be used, resulting in extended signal

bandwidth.

Based on the analysis of the settling behavior of SC integrators, a new alternative approach
to realize ADC with wideband and wide-dynamic-range is proposed, in which the low-

distortion multi-bit Sigma-Delta modulator concept [SilO1] is introduced into cascaded
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Sigma-Delta modulators. The proposed generic architecture is shown in Fig.5.11, where
gan1, N2, gns are the interstage scaling factors in the n'" stage. With the consideration of
physically achievable output swings, in combination of the behavior simulation and the
statistical optimization, it is obtained:

gii=1 gp=1 gi;=0.5 1i=2....N-1

gni=l gno=0.5 gns=1 53.1
H(z) in the blocks denotes the integration function. Ideally, the quantization error from all
stages except the last one of the cascade structure can be completely cancelled in the digital
domain. Therefore, the output signal can be expressed as the combination of the delayed
input signal and the (N+1)th-order noise-shaped quantization noise (N is the number of

cascaded stages), that is:
Y=Xx*zWViE 1-zH" 532

where Ex indicates the last-stage quantization error. Note that the proposed interstage

scaling factors do not degrade the dynamic range as other cascade structures.

++ E
_;—r Hiz

CANCELLATION LOGIC

Fig.5.11. The proposed N-stage cascade Sigma-Delta modulator

The key advantage over other high-order cascades is that the individual input level of the

integrators is considerably lower, even with high feedforward gain Cg/Ci=1 in the two
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integrators of first stage, as only low-level quantization noise E is introduced in the

integrator loops. To illustrate this, Fig. 5.12 shows the histogram of the integrator inputs

(X1 and X2) and quantizer input (X3) for an input signal with the amplitude of -3 dBFS.
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Fig. 5.12 First stage histogram of the integrator inputs and quantizer input relative to

SNDR in dB

OSR o normalized GB

(a)
Fig.5.13 SNDR vs normalized GB and OSR of (a) the 2-1-1-1 cascade [Rio00b],

the FS voltage.

normalized GB

(b)

and (b) the proposed one in this paper with N=4.

Fig.5.13 presents the performance improvement with respect to the settling error by

comparing the SNDR, signal-to-(noise+distortion) ratio, vs. the normalized GB and OSR
of the 2-1-1-1(4b) cascade [Rio00b] with the one described in this paper with N=4 and 4-

bit quantizers in the first and third stage, respectively. The result of behavioral simulation
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is obtained by assuming that the slew rate of opamps always follows the relationship of
described in Equation 3.4.22, where V=200 mV. It is shown that the needed gain-
bandwidth-product in Hz of the proposed one is only 2f;, whereas that of the traditional 2-

1-1-1 cascade is over 4fs [Mar98] [Rio00a], in order to avoid the impact of settling error.

Note that there is a systematic loss of 1 bit, or 6 dB SNDR in the traditional cascade
architectures due to the smaller amplifying factor in comparison with a theoretical (N+1)"-
order Sigma-Delta modulator. This loss is avoided in the proposed architecture, since the
proposed integrator gains are optimized to obtain the ideal (N+1)"-order noise shaping

function [Yin06a] [Yin06b].

Returning to the proposed 4-b quantizer in the first stage, note that the quantization noise is
low, so that the quantization noise leakage is significantly low. The new modulator
architecture dramatically relaxes the requirements of high precision analog stages
especially that of opamps with high dc-gain, which is more difficult to obtain as IC

technologies advance [Yin0O5a].

Finally, the proposed architecture is insensitive to the nonlinearity of opamps by inserting
the additional feed-forward path from the modulator input directly to the quantizer input in
the first stage, where the loop filter processes only shaped quantization noise. Because no
input signal is processed by the loop-filter integrators; therefore, no harmonic distortion is

generated [Siv01].

5.3.2.2. Simulation results

The proposed architecture has been validated by behavior simulation of a 2(4b)-1-1-1(4b)
modulator in MATLAB®. The modulator was designed with a sampling rate of 200 MHz,
a fixed OSR of 8, yielding a signal bandwidth of 12.5 MHz. The input is a 3 MHz sine-
wave signal with amplitude of -3 dBFS. The 4 bit quantizers are used for the first- and last
stage modulators, and the single-bit quantizers are used for other modulators. The scaling

loop gains are set as mentioned before. The finite dc gain, non-linearity, unity-gain
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frequency of opamps, and capacitor mismatching in the integrators of the first stage are set

to 55 dB, 20%, 400 MHz (SR~260 V/us) and 0.1%, respectively.

The output spectra of the ideal case and the aforementioned non-ideal case are shown in

Fig. 5.14. The achievable SNDR is 84.2 dB and 82.5 dB, respectively.
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Fig. 5.14 The output spectra of the proposed 2(4b)-1-1-1(4b) (a) with ideal case, (b)

with circuit non-idealities
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Fig. 5.15 The SNDR against input level in the proposed Sigma-Delta modulator with

Monte Carlo analysis.
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Fig. 5.15 illustrates the SNDR against the input level for the proposed modulator with
Monte Carlo analysis of 30 times, where not only the process variation of capacitors are
considered as the worst case 6c=0.5%, but also the design parameter variation of finite
opamp dc gain and GBW frequency are assumed in the worse case as large as 20%
deviated from their nominal values, respectively. It is shown that the achievable peak
SNDR and DR of the proposed modulator are not sensitive to circuit non-idealities, and
even with the assumed large parameter variations the performance degradation is only

about 6 dB.

These considerations made for the behavior simulation are summarized in Table 5.4.

Capacitor standard deviation 0.1-0.5%
Front-end Integrator — :
Bottom paracitic capacitor 20%
Open-loop DC-gain 55 dB+-20%
Amplifier Gain-bandwidth product (2.5pF) | 400 MHz+-20%
Slew-rate (2,5 pF) 260V/uS+-20%
DC-gain non-linearity 20%

Table 5.4. Non-idealities considerations
Table 5.5 presents the predicted performance summary of the proposed 2(4b)-1-1-1-(4b)

Sigma-Delta modulator.

Sampling frequency 200 MHz
Digital output rate (M=8) 25 MS/s
Peak SNDR(ideal case) 85 dB
Peak SNDR(nonideal case) 82.5 dB
Peak SNDR(worse case) 79.2 dB
DR (ideal case) 87.8 dB
DR (worse case) 81.5 dB
Estimated Power Consumption
(1.8Vsupply) 120-150 mW

Table 5.5. Performance summary
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5.3.3. Cascade multibit Sigma-Delta modulator with improved NTF

5.3.3.1. Proposed architecture

CANCELLATION LOGIC
-

Fig. 5.16 The proposed 5™_order 3-stage cascade 3(5b)-1-1(S5b) A modulator.

Based on the section 5.2.2, a Sigma-Delta modulator with the 3™-order finite-impulse-
response NTF in the first stage is used to replace the second order modulator of the
tranditional cascade Sigma-Delta modulators. Fig. 5.16 illustrates the proposed generic
modulator architecture, where the interstage scaling factors are 1 based on the
consideration of physically achievable output swings, combined with behavior simulation
and statistical optimization. The number of quantization bits of the quantizer in the first
stage and the last stage are 5. The quantizer in the first stage serves to ensure the stability
as mentioned in section 5.2.2, and the other one in the last stage helps to increase the
resolution. [ in the blocks denotes the integration function. Ideally, the quantization error in
all stages except that in the last one of the cascade structure can be completely cancelled in
the digital domain. The noise and signal transfer functions of the proposed XA modulator
can be simply derived from the corresponding functions of the modified 3™-order and
cascade, respectively. Therefore, the output signal can be expressed as the combination of
the delayed input signal and the modified (N+2)"-order noise-shaped quantization noise (N

is the number of cascaded stages), that is:
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X(2)*z "V E -z A-& " +27?)

Y(2)

where X(z) is the Z-transform of the modulator input, Ey indicates the last-stage

quantization error. Note that the proposed interstage scaling factors do not degrade the

dynamic range as the other cascade structures.

5.3.3.2. Comparison
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Fig. 5.17. The output spectra and frequency responses of various 5"-order NTF’s
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Fig. 5.18. The dynamic range versus oversampling ratio
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Fig.5.17 shows the frequency responses of various types of 5"-order NTF, where the
aggressive 5"-order NTF with relaxed OBG of 3.5 is applied for the single-loop one. We
found that the proposed in-band noise shaping provides the better overall attenuation of
quantization noise than single-loop topology, and significantly better attenuation of
quantization noise at high-frequencies even than the traditional theoretical Sigma-Delta
modulator with all zeros at DC. Furthermore, by assuming that all integrators, comparators,
and DACs are ideal, and then the theoretically achievable peak SNR can be compared for
the proposed Sigma-Delta modulator, as a function of the oversampling ratio, with the
theoretical 5™—order (zeros at DC) and cascade 2-1-1-1 proposed in [Rio00a], respectively,.
The results are shown in Fig.5.18. With an oversampling ratio of 8, the proposed topology
is the best choice, which achieves the highest peak SNR over 100dB.

Note that the proposed cascade multibit Sigma-Delta modulator realizes the high-order
low-distortion multibit Sigma-Delta modulator with improved NTF without the

requirement for the quantizer with extreme high numbers of the quantization bits. [Yin04]
5.3.3.3. Analysis of circuit non-linearites

Besides the DAC-induced errors, nevertheless, it must be taken into account in practice
that the circuit nonidealities, such as integrator leakage, capacitance mismatching, finite
settling-time, etc., can degrade the Sigma-Delta performances. Both the integrator leakage
and weight mismatching affect the integrators not exactly to z”/(I-z"). Since the dominant
noise leakage and weight mismatching are added at the first stage, and at the following
stages are shaped by higher-order high-pass filters, the noise budget at the first stage are

only needed to consider the noise budget at the first stage in order to simplify the analysis.

As mentioned in section 3.4.1, the integrator leakage caused by finite- DC- gain of opamp
in the integrator can be modeled with a variable “alpha”, where a is (4-1)/4, and A is the

finite DC-gain of opamps. The integrator transfer fuction is rewritten:

H(z):Z—
l-z a 53.4
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Thus, the z-domain output of the first stage in the cascade 3-1-1 multibit Sigma-Delta can

be calculated as [Yin0O5a]

Tat 25,0 “
YI(Z)ZX(Z)-"EI(Z{ 1-0z - a‘z J[ 1— 2" ]

1+6 7 ' 0-a)+z (1-a) |1+ 7 '0-a)
53.5

where E;(z) is the first-stage quantization error. Considering a=1, Eq. 5.3.5 can be
approximated to [YinO5a]

Yy ()= x(z)+ E 1(z)(l_ Sz la + g 22’2)(1_ z a)

=X+ E, G-+ 20-27)

+ El(z)[(l ~Sz vy N —a)z  +8(1-a)y (1-7)?

+ (5(1 —a) 7 - Zfl))+ (5-1-Sa+g?) z -z

+(0-1-0a +g?) t-a)z " ] 536
Note that the first and second terms together in Eq. 5.3.6 correspond to the ideal output of
Sigma-Delta modulator with a modified 3"_order quantization error shaping; the
quantization errors are ideally completely cancelled in the digital domain. Furthermore, the
leakage error presented in the additional third term of (7-a) can be suppressed by high-pass
filters of (I-&%'+2)” (i.e. modified 2nd-order) and (1-z7)7 (i.e. 2nd-order), respectively. The
leakage of (I-&)’ and (&1-Sa+c’) in the third term are the 1%-order noise shaped.
Nevertheless, they are neglectable, since =/ and 0=2. Furthermore, the leakage (&-1-

Sa+a’)(1-a) can also be ignored.

As mentioned in section 3.4.2, in SC Sigma-Delta modulators, integrator weights are
implemented by means of capacitor ratios. In practice, the variation of the process
parameters causes a deviation of the implemented weights from their nominal values.
Assuming that the actual integrator weight has a small deviation € from their nominal value,

the practical integration function in z-domain is obtained [Rio04b]:

_(+e)z

I-z 53.7

H(z)

It can further be derived an additional error AY(z) due to the incomplete cancellation of the

quantization error[Yin05a]:

AY ()2 egx E,GX1-2H0-6z '+ 2

2

) 538
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where terms in &, are neglected due to e<<I. The deviation is modified 3-order noise

shaped.

The increase of the output-referred in-band error power of at cascade 3-1-1 XA modulator

due to leakages and weight mismatching can be estimated as [YinO5a]:

P zAif 71(1—a)27Z +5272”6 539
in —band 12 MS 17M7

where Al is the level spacing in the N-bit quantizer of the first stage, M is the

oversampling ratio. »; and , are the modified factor corresponding to modified NTF.

The Equation (5.3.9) demonstrates that the noise leakage is modified 2"*order shaped,
capacitor mismatching error source is modified 3”-order shaped, one order noise-shaping
more than that in the conventional cascade 2-1-1-1mb[Rio00a] or 2-2-1mb[VIe01] XA
ADC. The use of 5-b quantizers in the first stage not only ensures the stability of the 3" —
order modulator, but also directly reduces their quantization noise, and hence further
reduces quantization noise leakage. As a result, the new modulator architecture
significantly relaxes the requirements of high precision analog blocks, especially the
requirement for high performance opamps. These effects will be illustrated by the

following simulation results.

5.3.3.4 Simulation results

The proposed low-distortion cascade 3(5b) -1(1b)-1(5b) Sigma-Delta modulator was
simulated with Matlab to evaluate the dynamic performance and circuit requirements. In
these simulations, a 3 MHz sine-wave signal with the amplitude of -4dBFS was applied;
the sample frequency was 200MHz for a targeted 12.5MHz bandwidth. The output spectra
were computed using 16384 points FFT.

The spectra of various Sigma-Delta architectures were compared in Fig. 5.19, where only
quantization errors were considered. The proposed architecture presents much higher
attenuation at the in-band high-frequencies. The SQNR of the proposed Sigma-Delta

modulator is 99dB, in contrast to 87.4 dB of the cascade 2-1-1-1(5bit) structure, 76.8 dB of
- 125 -



the single-loop structure, where both structures were slightly modified to the same 5t

order 5-bit quantizer according to [Rio0Oa] [Rhe00], respectively, to ensure that the

performances of these structures were comparable.
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Fig. 5.19. The ideal output spectra of various A modulators.
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Fig. 5.20. The output spectrum of proposed £A modulator with non-idealities.

Fig.5.20 presents the output spectrum of the proposed ZA modulator with non-idealities.

The thermal noise (KT/C) budget was assumed -96 dBFS (FS=+-2V). Since the noise
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leakages are shaped by higher orders, the opamp DC-gain as well as its dynamic
requirements are significantly relaxed. The nonlinear opamp gain used to construct the
integrator was assumed as 40dB. The opamp gain varied from about half of the maximum
dc-gain to the maximum dc-gain according to hyperbolic tangent function. The choices of
opamp bandwidth (GBW) and slew-rate were 200MHz and 300V/us, respectively. Taking
into account of these circuit imperfections, the proposed modulator achieved a signal-to-
(noise+distortion) ratio SNDR of 93.3dB, a spurious-free dynamic range SFDR of 109dB,

and produced almost no harmonics of the input signal at the output.
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Fig. 5.21. The output spectrum of proposed XA modulator with 0.05%
DAC non-linearity.

The effects of the DAC non-linearity on the proposed topology are shown in Fig.5.21. In
this simulation, additional 0.05% DAC non-linearity errors and involving the partitioned
DWA [Ham04] model as DEM in the feedback path of the first stage were considered.
According to Fig. 5.21, it is shown that the power spectral density of the output presents a
raised noise floor and obviously introduced harmonic tones due to non-linearity of DAC.
The achievable SNDR is 8§9.8dB and SFDR 96.3 dB. The maximum SNDR of 91.9dB
shown in Fig. 5.22 is obtained for a -2dB input level. It also implies that the modulator has

a wide enough stable range.
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Fig. 5.22. The dynamic range of proposed XA modulator

These considerations of the worse case made for the behavior simulation are summarized

in Table 5.6.

Capacitor standard deviation 0.5%
Front-end Integrator — ;
Bottom paracitic capacitor 20%
Open-loop DC-gain 40 dB
in- idth t (2.5pF MH
Amplifier Gain-bandwidth product (2.5pF) 300 z
Slew-rate (2,5 pF) 200V/uS
DC-gain non-linearity 50%

Table 5.6. Non-idealities considerations of the worse case

Table 5.7 presents the predicted performance summary of the proposed 3(5b)-1-1-1-(5b)

Sigma-Delta modulator.

Sampling frequency 200 MHz
Digital output rate (M=8) 25 MS/s
Peak SNDR(ideal case) 99 dB
Peak SNDR(worse case) 91.9 dB
Peak SFDR(worse case) 96.3 dB

Table 5.7. Performance summary

5.3.4 Comparison of proposed
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In order to compare performance differences of both proposed Sigma-Delta modulator
architectures, the proposed 3-1-1 Sigma-Delta modulator is slightly modified to 3(5b)-1-
1(4b) with the assumed nonidealities as mentioned in section 5.3.2.2. Therefore, the both
proposed modulators have the same modulator order, effective quantizer and non-idealities

of circuits.
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Fig. 5.23 First stage histogram of the integrator inputs and quantizer input relative to

the FS voltage.
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Fig.5.24 SNDR vs normalized GB and OSR of the 3(5b)-1-1(4b) cascade
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Fig. 5.23 shows the histogram of the integrator inputs (X7, X2 and X3) and quantizer input
(X4) of the 3-1-1 modulator (as illustrated in Fig. 5.16) for an input signal with the
amplitude of -3 dBFS. The possible amplitudes are considerable low as the proposed
2(4b)-1-1-1(4b) as illustrated in Fig 5.12. Consequently, the demanded gain-bandwidth-
product in Hz of opamps in the proposed one is only 2f; as illustrated in Fig 5.24, which is
as that of the proposed 2(4b)-1-1-1(4b) cascade illustrated in Fig 5.13(b).

Note that there is a over 10 dB SNDR improvement in the 3-1-1 cascade architectures due

to the higher noise suppression at high frequencies [Yin06a] [Yin06b].
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Fig 5.25 The out spectrum of the proposed 3(5b)-1-1(4b) with circuit non-idealities

The output spectrum of the proposed 3-1-1 in case of the aforementioned non-idealities in
section 5.3.2.2 is shown in Fig. 5.25. The achievable SNDR is 93.8 dB and SFDR 105.3
dB, respectively.

Fig. 5.26 illustrates the SNDR against the input level for the proposed modulator with
Monte Carlo analysis of 30 times, where not only the process variation of capacitors are
considered as the worst case 6c=0.5%, but also the design parameter variation of finite

opamp dc gain and GBW frequency are assumed in the worse case as large as 20%
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deviated from their nominal values, respectively. It is shown that the achievable peak
SNDR and DR of the proposed modulator are not sensitive to circuit non-idealities, and
even with the assumed large parameter variations the performance degradation is only

about 3 dB, which is insensitiver than the proposed 2(4b)-1-1-1(4b).
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Fig. 5.26 The SNDR against input level in the proposed Sigma-Delta modulator with

Monte Carlo analysis.

Clearly, the proposed 3(5b)-1-1(4b) modulator has better performance than the proposed
2(4b)-1-1-1(4b); the slight increased hardware in quantizer and digital circuits is generally

the price of the performance improvement.

5.4. Summary

In this chapter, two low-distortion cascade high-order Sigma-Delta modulator architectures
have been proposed. The performance of the proposed modulators has been analyzed and
compared with other topologies. Simulation results show that the settling behavior is
improved; the sensitivity to nonidealites of analog circuits, such as finite bandwidth, DC

gain and slew rate, etc. is decreased. Moreover, the low distortion with improved NTF
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cascade multibit Sigma-Delta modulator architecture significantly suppresses the in-band
noise power, especially at high frequencies, so that the achievable SQNR is even better
than theoretical value. Indeed, the proposed architectues are very suitable for high-
resolution broadband applications, as well as for low-power design in scaled IC

technologies.
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Chapter 6 Conclusions and Future Work

6.1 Introduction

This work focused on studying high-speed high-resolution Sigma-Delta modulators for
communication systems. In this research area, techniques for relaxing the settling error
were the key. There were two general motives of this research: 1) the use of BICMOS
processes in designing high DC-gain and bandwidth opamp to reduce settling errors in
Sigma-Delta modulators; 2) the use of developed architectures, which relaxing the
requirement on settling behavior of opamps. This chapter will summarize key research
contributions and results regarding the motives, and provide some recommendations for

future work.
6.2 Key research contributions

This research explored the implementation of high-speed, high-resolution, low-power
Sigma-Delta modulators in concert with diverse design techniques. According to the

knowledge of the author, key research contributions and results are summarized below:

e Analyzed and simulated impacts of circuit non-idealities in SC Sigma-Delta
modulators. Futhermore introduced a systematic method in design of SC Sigma-

Delta modulators.

e Demonstrated a wideband Sigma-Delta modulator with BiCMOS process at
reasonable power dissipation. An experimental prototype achieved 78.3dB (13bit)
of dynamic range and dissipated 140 mW by electrical simulation at 10 MS/s
Nyquist rate.

e Designed a new single-stage BICMOS operational amplifier with one side gain-

boosting which has desirable properties for maximizing DC-gain and bandwidth.
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e Provided a comprehensive analysis of the settling limitation in high-order Sigma-

Delta ADC architectures.

e Developed a new 2(mb)....1(mb) N-stage low distortion cascade Sigma-Delta

architecture at 8X oversampling ratio.

e Developed a new 3(mb)...1(mb) N-stage low distortion cascade Sigma-Delta

architecture with improved NTF at 8X oversampling ratio.

6.3. Conclusion

In this dissertation, the resolution and the speed limitation of the existing Sigma-Delta
ADC architectures have been discussed. A cascade BICMOS Sigma-Delta modulator has
been presented. In this design, the operational amplifier (opamp) with high dc gain and
gain-bandwidth-product has been achieved by using the advanced BiCMOS technology. In
order to meet with the main-stream sub-micron CMOS processes two low-distortion
cascade Sigma-Delta ADC architectures have been proposed. The 2(4b)-1-1-1(4b) low
distortion cascade Sigma-Delta architecture minimizes the signal level at the integrators of
the first stage by using a feedforward path from the input directly to the input of the
quantizer, therefore, STF=1I. The advantages of this proposed architecture are relaxed
requirement on the opamp gain-bandwidth-product up to 2 f;, which is lower than 3-4 f; in
other traditional Sigma-Delta modulator implementations, and reduced sensitivitiy to
nonidealities of circuits, such as finite dc-gain of opamps and capacitor mismatching.
Particularly the non-linearity of the opamps is also reduced. The 3(5b)-1-1-1(4b) low
distortion cascade Sigma-Delta architecture achieves the same performance as the 2(4b)-1-
1-1(4b) modulator. Additionally, the proposed approach realizes the modified FIR-NTF,
by replacing two DC-zeros with a pair complex-conjugat zeros, to suppress the in-band
noise floor at high-frequencies. Hence, these architectures are particularly suitable for
realizing wide bandwidth ADCs as well as for low-power design as IC technologies

advance.
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6.4 Recommended future work

Demonstrations of the proposed modulators by using advanced CMOS processes would be
a good next step in this area. In addition, the design of low-power programmable
decimation filters is another area where further research is demanded. High-linear DAC
will be a critical part, which should be further investigated, developed and implemented in

the future.
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